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1. INTRODUCTION

1.1 PURPOSE OF HANDBOOK

This Handbook has been produced so as to bring
under one cover as much information as possible
likely to be of use to Systems and Electronic Design
engineers who are contemplating using linear in-
tegrated circuits from the SGS family to solve their
specific circuit problems.

Where possible, practical circuits have been in-
cluded with actual component values but, due to the
many applications that are possible, supplementary
notes are included, giving explanations for the de-
sign values. By this means, and with the additional
information available under the more general hea-
dings of Frequency Compensation, Noise, Power
Supplies etc., it is hoped that the engineer will be
in a position to adapt these circuits to his own
requirements.

The Sections on basic amplifier circuits have
been added for the benefit of engineers newly
entering the field of operational amplifier usage.

1.2 INSTRUCTIONS FOR HANDBOOK USAGE

It will be noted that the contents are divided into
Sections and sub-Sections which are identified by
means of a two or three digit code.

The location of any the specified material shown in
the «List of Contents» pages can therefore be
readily found. The date of issue is indicated at the
foot of the second page.

The Company should be consulted to obtain the
latest information available concerning the Linear
Integrated Circuit family.

Unless otherwise specifically stated, the pin num-
bers shown in various circuit diagrams refer to the
TO-5 package. For the connections applicable to
other alternative packages, the appropriate data
sheet should be consulted.

The clrcuit details and conflgurations described within this Handbook may be covered by various
patent rights held by this Company or others. Publication of the information does not Imply
permlssion to use, or responsibllity for usage of the circult Ideas presented without first taking
precautions to ensure that no patent (nfringement can take place.

Whilst every etfort has been made to obtaln technlcal y of the tents, the Company
cannot assume {labllity for the possible conzequences of adopting the clrcuite and component
values described hereln.
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1.3 ECONOMICS OF INTEGRATED CIRCUITS
COMPARED WITH DISCRETE-COMPONENT
CIRCUITS :

The technical advantages of integrated circuits are
discussed in Section 2.1, but it is of interest to
consider in general terms the economic factors
which may affect the choice of whether integrated
circuits are adopted for a particular design or not.

In the past, integrated circuits have been used
mainly in designs where the prime concern was only
to save weight or space. The additional bonus of
reduced power consumption and extra reliability may
have been of secondary importance. In these cir-
cumstances, the cost factor was not necessarily
considered.

With improvements in the techniques for fabri-
cation of integrated circuits, resulting in higher

yields and a steady reduction in price and also
because new circuit designs are becoming available
with a wider choice of operations with increasingly
better performance, it is now possible to build up
many systems where much of the electronics can be
provided equally well by integrated circuits or dis-
crete components. The choice in this case becomes
an economic one,

Fig. 1.1 is a simple diagrammatic representation
of how the individual steps in manufacture of a piece
of electronic equipment contribute to the total cost.
Although both the circuit problems themselves and
the internal organisation of the manufacturer build-
ing the equipment vary enormously, in very general
terms it can be shown that, with the possible excep-
tion of item (a), the cost of each stage is reduced to
some degree by adopting integrated circuits.

TOTAL COST

a b c d
INSPEGTION
GOMPONENT BUYING AND | .| ELECTRONIC L—

COSTS OFFIGE QUALITY DESIGN
C0STS ASSURANGE COSTS
COSTS

DEVELOP- | .{ FABBRICA- || INSPECTION o MARKETING ~
MENT TION AND COSTS

COSTS COSTS

e f g h

TESTING
COSTS

4| .

Fig. 1.1 - Schematic of Total Equipment Cost Breakdown

COMPONENT COSTS

The cost of the individual item necessary to make
a discrete-component Linear Circuit equivalent in
performance to an Integrated Circuit is often more
than the total cost of the integrated circuit itself.
This is due to the relatively high cost of matched
transistors and high-stability resistors usually requi-
red in this type of circuit.

BUYING OFFICE COSTS

It is obvious that the organisation necessary to
co-ordinate the purchase .of quantities of individual
components from a variety of manufacturers is

comparatively costly, leaving aside the possibility
of delayed delivery and its consequences on the
production programme.

INSPECTION AND QUALITY ASSURANCE

Here again, the costs attached to handling and
testing a number of items is very heavy compared
to that of an individual integrated circuit.

ELECTRONIC DESIGN COSTS

In the design of both simple and complex systems,
the overall man-hours spent on pure design are
drastically reduced since integrated circuits can
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provide guaranteed performances for weli-defined
circuit operations and environmental ranges.

DEVELOPMENT COSTS

These are likely to be greatly reduced as well,
for the same reasons that extensive development
has already been carried out on the complete inte-
grated circuit by the manufacturer, with the result
that system performance can be more accurately
predicted at the « paper work » stage. The necessity
for circuit modification, which is always a difficult
and costly procedure once production has started,
is thus reduced to a minimum. In general, it is also
often easier to carry out where integrated circuits
have been used.

FABRICATION COSTS

Considerable saving in labour costs can be
achieved by adopting integrated circuits. Both the
materials (tag boards, sockets, heat-sinks, etc.) and
the assembly time can be very much reduced. At
the time of writing, an increasing number of man-
ufacturers are offering low cost mounting facilities
specifically designed for integrated circuits, with
flexible interconnection system. The range of alter-
native packages offered by SGS, combined with a
standardised mounting system adopted by a specific
manufacturer, minimises the necessity for costly
«one off » configurations. Systems containing many
repetitive circuits have abvious additional advantages.

INSPECTION AND TESTING COSTS

At all levels this should be reduced, both because
performance of integrated circuits is more predicta-
ble and parameter tolerances may be «designed
out » at the initial stages and because interconnect-
ions, both soldered and by plug and socket, can be
decimated. Analysis of system reliability shows that
interconnection failures contribute significantly to
the overall probability of system failure where dis-
crete components are used.

MARKETING

The utilisation of integrated circuits has reached
a stage when the more sophisticated customer of
an equipment manufacturer is beginning to expect
the supplier to be incorporating integrated circuits
in his designs.

In much the same way as, ten years ago, people
were pointing out the advantages, of transistorisation
so, today, integrated circuits are shown to be the

next logical step forward. .

The incorporation of integrated circuits manufac-
wured by a Company whose reputation for perform-
ance and reliability is already well established can
only help to increase confidence in the finished
product.



2. DESIGNS FOR MONOLITHIC
LINEAR INTEGRATED CIRCUITS

2.1 DESIGN PHILOSOPHY

2.1.1 Integrated Circuits Compared with

Discrete Components

The design of complete circuits (e.g. high-gain,
general-purpose amplifiers), which are 1o be realised
as integrated circuits rather than made up from se-
parate components, requires a new concept in the
basic approach. This is due not only to certain
limitations inherent in integrated manufacturing tech-
niques but also because of new design freedoms
that it allows.

In general, it is true to say that the total cost of
a discrete component circuit is directly proportional
to the number of transistors, capacitors and resistors
in descending order of importance. PNP or NPN
transistors may be used at will, but matching of
separate transistors for gain, Vg, etc., incurs consi-
derable cost penalties while the necessity for speci-
fying certain resistor values to close tolerance does
not have the same significance.

With integrated circuits, it is possible to diffuse
in both NPN and PNP devices, but for ease of
manufacture, it is generally preferred to keep to NPN
exclusively, for the more simple circuits. With inte-
grated circuits there is more freedom in the number
of active three-layer or two-layer junctions wich may
be used. This is because doubling the number of
such junctions (with the proviso that no extra pro-
cesses are involved and that the overall yield is not
significantly reduced) will certainly not increase the
cost proportionally. Existing techniques by which
resistors are formed makes it impractical to gua-

rantee their absolute value to closer than 20% of
nominal. 1t is possible, however, to achieve toleran-
ces of better than 5% in the ratio between two
resistors of the same value, by ensuring that they
are placed in close physical proximity to each other
and have identical layouts. Extra width in resistor
track also reduces relative masking errors.

Compared with high-stability resistors, the tem-
perature coefficient of semiconductor resistors is
high (typically 0.2% per degree Centigrade). When
resistor value ratios are important they should be
kept at a maximum distance from potential sources of
thermal dissipation and in any case shouid have a
geometric axis of mutual symmetry which is at right
angles to isothermal lines caused by such sources.
Having the resistors cilose to each other reduces
thermal resistance between them and therefore
minimises differential changes in resistance caused
by self-heating.

The fabrication of capacitors and even inductors
of very small value, suitable for VHF are feasible
but result in considerable complications in manufac-
ture and are therefore to be avoided in design if
possible. Diodes and Zeners of a generally fixed
nominal value (approximately 6V) are available at
small cost by making use of the forward and reverse
characteristics of a PN diffused layer where appro-
priate. Reduced dynamic impedance for the Zener
may be obtained by using a transistor in a diode
configuration.

It may be seen, therefore, that the design philoso-

phy for integrated amplifiers is based on essentially
symmetrical circuits, where possible, with inherent

<
4

)

TR,

o

(a) Current Source

Close Thermal Coupling

VvV +
R,

[ ) TR,

@

Fig. 2.1 - Biasing Techniques Applicable to Integrated Circuits which take advantage of Precise Matching and

6

(b) Transformer Coupled Amplifier

10
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immunity from drift caused by absolute resistor
value changes.

D.C. coupling between stages should be used to
eliminate capacitors. Offset voltage is minimised by
a differential input stage. Vs and its associated tem-
perature coefficient is controlled by careful diffusion
and the physical geometry of the transistor junctions
which have their dimensions matched to the current
being handled.

2.1.2 Integrated Circuit Solutions for Obtaining
Specific Circuit Functions

{A) BIASING CIRCUITS

One of the most basic problems encountered in
integrated circuits is bias stabilization of a common-
emitter amplifier. Conventional methods usually requi-
re substantial D.C. degeneration and bypass capac-
itor to reduce the degeneration at the frequencies
to be amplified. With integrated circuits, the required
bypass capacitors are much too large to be prac-
tical. In the past, this problem has been overcome
using some sort of differential or emitter-coupled
amplifier connection. These solutions have been
adequate in many instances but suffer from a lack
of versatility.

The close matching of components and tight ther-
mal coupling obtained in integrated circuits permit
much more radical solutions. An example is given
in Fig. 21 (a).

A current source can be implemented by imposing
the emitter-base voltage of a diode-connected trans-
istor operating at one collector current across the
emitter-base junction of a second transistor.

-If the two transistors are identical, the collector
currents will be equal; hence, the operating current
of the current source can be determined from the
resistor (R;) and the supply voltage (V). Experiment
has shown that this biasing scheme is stable over a
wide temperature range even for power dissipations
in TR, above 100 mW.

An extension of this idea is shown in Fig. 2.1 (b).
A transformer with a low-resistance secondary can
be inserted between the biasing transistor (TR,) and
the second transistor (TR,). Then TR, is stably biased
as an amplifier without requiring any bypass ele-
ments and the transformer secondary is coupled to
the amplifier without disturbing the bias conditions.

A third and more subtle variation is given in
Fig. 2.2.

If R; and R, as well as TR, and TR, are identical,
the collector currents of the two transistors will be
equal since their bases are driven from a common
voltage point through equal resistances. The collec-
tor current of TR, will be given by

V+ — Ve Rs
oy = —— — 24— .. 1)
R, R,

11

Ry
TR,
Fig. 2.2 - R.C. Coupled Ampilifier
Py O V +
R,
R, 4 KQ
TR,
R?
2 KO
4 ‘ : EOU[
R, R,
10 K2 10 KQ
TR, TR,
RB
R, R, 3KQ
250 2 250 )

j L

Fig. 2.3 General Purpose Wideband Amplifier using

Balanced Biasing Techniques
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where a single Vg: and |z term is used since both
transistors are identical. For

Ra
24 — lp<ler

Vee<V* and [
R

V_.
ey = lgg = —
Rs

1 v+
—R,, then E, = ——
2 2

If RQZ

which means that the amplifier will be biased at its
optimum operating point, at one-half the supply
voltage, independent of the supply voltages as well
as temperature and dependent only on how well
the parts within the integrated circuit match.

A simple amplifier using the biasing of Fig. 2.2
is illustrated in Fig. 2.3. An emitter degeneration
resistor (R¢) is employed in conjunction with Rs to
control gain and raise input impedance without
disturbing the balance biasing. A cascode connect-
ion of TR, with TR; reduces input capacitance while
the emitter-follower (TR,) gives a low output impe-
dance.

It can be seen from the above that the matching
characteristics of a monolithic circuit have made
possible biasing methods which are far superior to
those practically attainable with discrete designs and
do not at all suffer from the lack of bypass capa-
citors.

Probably the most significant application for the
circuit in Fig. 2.2 is as the second stage of a dif-
ferential input, single-ended output amplifier. Exam-
ples of this configuration may be seen in the uA702
and the pA710, etc.

V +
Rl
[ TR,
TR, R,
OV —
(a) Circuit

Fig. 2.4 - A Current Source for Generating Very Small Current using Moderate Value Resistors

1.4
HIGH RESISTIVITY DIFFUSED

TESISTORS
1.2 | /

| N

/]
N

0.8

)

| ZERO T.C. RESISTORS

Y A O R

—75 — 25 0 +25 +75 + 125
JUNCTION TEMPERATURE (°C)

RELATIVE OQUTPUT CURRENT

(b) Characteristic

(B) CONSTANT CURRENT SOURCE

The formation of current sources in the micro-
ampere current range can be difficult with integra-
ted circuits because of the relatively large resistance
values usually required. A circuit is shown in Fig. 2.4
which makes possible a current source with outputs
in tens of microamperes using resistances of only a
few kilohms. It makes use of the predictable dif-
ference of the emitter-base voltage of two transistors
operating at different collector currents. Its opera-
tion can be described as follows.

The collector current of a transistor is given as
a function of emitter-base voltage by

12

Ve ]
kT

lc = I exp. ( q

4KT

for Vge >

where K = Boltzmanns Constant
T =
q

Absolute Temperature °Kelvin

Electron Charge
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This expression holds up to high currents where
emitier contact and base spreading resistances
become important and down to low currents where
collector leakage currents cause inaccuracy.

Solving equation (4) for Vge gives

kT lc
Vge = —— log. —
q Is

This expression can be used to find the emitter-
base voltage difference between two transistors:

AVge = Vggy — Vg

KT iy KT leo
= log. — log.
q Isi q sz
KT ley KT Is2
= log. + loge—— ... (6)
q lca g Ist

For equal collector currents, this becomes

AVge = —— loge
q Is)

Considerable testing has shown that for adjacent,
identical integrated circuit transistors this term is
typically less than 0.5 mV. It is also relatively inde-
pendent of the current level, as might be expected
since Is should be a constant. Hence, the emitter-
base voltage differential between adjacent integrated
circuit transistors operating at different coliector
currents is given by:

kT lay
AVge = — log.
q fer

within a fraction of a millivolt,

With the circuit in Fig. 2.4 (a) a relatively large col-
lector current is passed through the diode-connected
biasing transistor, TR,. [ts emitter-base voltage is
used to bias the current source transistor, TR,. If
the base currents of the transistor are neglected for
simplicity, the resistance required to determine the
current-source current is given by:

A Vge kT ley
R, = = loge—— ... ... ()]
lez qleo ez
or for the circuit in Fig. 2.4
kT V¥ — Vg,
R, = log. —_— . (10)
ale Riles

13

One interesting feature of this circuit is that for
V*>»Vge and ¢, > I, the output current will vary roug-
hly as the logarithm of the supply voltage (V+).
Therefore, if the current source is used in such an
application as the input stage of an operational am-
plifier, the operating collector current and voltage
gain of the input stage will vary little over an ex-
tremely wide range of supply voltages.

From equation (8) it can be seen that the emitter-
base voltage differential is linear function of absolute
temperature. Therefore, it might be expected that
the output current of the current source would vary
in a similar manner. Such is the case as illustrated
in Fig. 2.4 (b).

The plot is for lc,~50 e, with both zero tempera-
ture-coefficient resistors and high resistivity diffused
resistors (bulk impurity concentration less than 10"
atoms per c.c.). It is notable that diffused resistors
provide over-compensation for this characteristic.

(C) LEVEL SHIFTING

Frequently in the design of linear integrated cir-
cuits some form of D.C. level shifting is required in
the signal path. With discrete designs this can be
accomplished by using complementary transistors or,
perhaps, Zener diodes. Both these approaches, ho-
wever, can have their limitations with respect to in-
tegrated circuits.

A circuit which avoids many of the previous pro-
blems is shown in Fig. 2.5.

Fig. 2.5 - Circuit for Providing DC Level Shifting

as well as Signal Gain
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It uses only NPN transistors and its operation can
be made essentially dependent only on resistor ra-
tios. TR, serves as an input buffer, and the level
shifting is accomplished by the voltage-drop across
R, due to the collector current of TR;. Feedback
from the output, through R,, is used to increase this
voltage drop for negative-going output swings and
decrease it for positive-going signals. Properly de-
signed, the stage will give a substantial voltage gain,
high input impedance, a low output impedance and
a maximum available output swing nearly equal to
the supply voltages, in addition to the D.C. level shift.

Assuming that V* + V=»Vy: and that gain is
less than about 5, the voltage gain of the circuit can
be obtained from:

AVop = AV, —RiAls (1)
AVUO!
where Alg=——m—— ..o (12)
Ra
Ri
hence, AVy, = AV, + —AVow ... (13)
2
AV 1
and Ay = = — ... (14)
Avin Rl
S
R,
The output impedance can be approximated by:
Ri Ay
Rou! = sisaesar e (15)
Neg2

The input impedance is usually negative so it is
required that the level shifting stage be driven from
a low-impedance source for stability. Sufficient con-
ditions for stability are:

hFEl R2
Rek ———— (16)
Ay

(D) PNP TRANSISTORS

As has been mentioned previously the use of NPN
transistors, only, simplifies manufacture by minimi-
sing the number of separate diffusion processes
necessary. Where it is highly desirable to have a
PNP device available in the circuit which is to per-
form a specific function, various measures may be
taken to provide this without additional ditfusion
steps. )

A «vertical » PNP transistor may be obtained by
using the NPN base-diffusion for an emitter and the
P-type substrate of the integrated circuit for the
collector. This « vertical structure » PNP device has
a useful current gain, but having its collector in the
substrate restricts its position in the circuit since it
will always be electrically connected to the most
negative potential.

?EMITTER
e - T TN ~
7/
AN
/ b \
! \
BASE TR,
[ |
\ /
\ TRZ/
N /
AN 7/
~ Ve
N~ e
O COLLEGTOR

Fig. 2.6 - Composite PNP Transistor

CONTACT

ALTRLTRRLR LAY
AT SRR,

XP \N+

(a) Structure

Fig. 2.7 - Pinch Resistors

{b) Characteristics
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Another approach is to form a « surface or lateral »
PNP device. It is made using what is usually an
NPN base-diffusion for an emitter. This is sor-
rounded concentrically by a second base-diffusion
which serves as a collector. The normal NPN collec-
tor region is then the PNP base. This structure suf-
fers from a rather wide base, displaying a low cur-
rent gain (typically 2). However, it has the distinct
advantage that it can be made with the standard
NPN process with no additional steps or control. The
disadvantage of low current gain can be overcome
by amplifying the coliector current of the PNP tran-
sistor with an NPN device as shown in Fig. 2.6. The
combined current gain can be made comparable to
that of the NPN transistors in the same substrate.

Thus, the availability of PNP devices with compa-
rable performance allows new freedom in design of
circuits for economic manufacture in monolithic
integrated form.

(E) PINCH RESISTORS

A potentially-useful element in integrated circuits
is the pinch resistor. It is an ordinary diffused (base)
resistor, the cross-sectional area of which has been
effectively reduced by making an emitter diffusion
on top of it (see Fig. 2.7 (a)). The emitter diffusion
raises the sheet resistivity from the usual 100 or 200
ohms per square to 10 kilohms per square or higher.
This permits rather large resistors to be made in a
relatively small area. The pinch resistor, however,
has several limiting characteristics. As can be seen
from Fig. 2.7 (b) it is linear only for small voltage
drops; and it has a low breakdown voltage (5V to
10 V). Neither the linear nor the non-linear portions
of the characteristics can be controlled well and the
resistance at the origin can easily vary over a 4:1
range in a normal production run. In addition, the
resistor has a very strong positive temperature co-
efficient, changing by about 3:1 over the — 55°C to
+ 125°C temperature range.

On the other hand, there is a strong correlation
between the pinch resistor values and the transistor
current gains obtained in manufacture. The resistors
are roughly proportional to the current gains. Fur-
thermore, the resistors tend to track with the current
gains over temperature. The matching of identical
pinch resistors is also nearly as good as base resi-
stors, and substantially better than transistor current
gains.

Fig. 2.3 provides an example of where pinch
resistors can be used effectively. Both R; and R,
have small voltage drops across them, and it would
be advantageous to have these resistor values pro-
portional to the transistor current gain to obtain the
highest possible input impedance consistent with
satisfactory bias stability.

Another application is the preamplifier shown in _

Fig. 2.8 which was designed as part of a hearing aid
amplifier. With hearing aids, the maximum supply
voltage is usually 1.55 V so the voltage sensitivity and
low breakdown of pinch resistors is of little concern.
Power drain is, however, a problem, so large resi-
stances are needed. In this circuit, only matching
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of the pinch resistors (R;, R; and R3) is required for
proper operation. The fact that the pinch resistors
correlate with current gain makes the circuit far less
sensitive to current gain variations: the pinch resi-
stors and current gains can be varied simultane-
ously over a greater than 7:1 range without any
noticeable degradation of performance.

The above examples show that even though pinch
resistors have extremely poor characteristics by di-
screte component standards, certain characteristics,
mainly good matching, a correlation between resi-
stor values and current gain and high sheet resisti-
vities make them extremely useful elements in circuit
design. In many cases, the pinch resistors would
actually function better than precision resistors if
the circuit was designed accordingly.

V+

TR,

)
INPUT

_DTK:ROPHONE

Fig. 2.8 - A Low-Voltage High-Gain Microphone
Pre-Amplifier illustrating the use of Pinch Resistors

2.2 DEFINITION OF COMMONLY-USED

TERMS

221 Terms Applicable to Operational Amplifier
(e.g. the pA702A and (1A709)

INPUT OFFSET VOLTAGE - That voltage which must
be applied between the input terminals to obtain zero
output voltage. The input offset voltage may be also
defined for a case where two equal resistances are
inserted in series with the input leads.

INPUT OFFSET CURRENT - The difference in the
currents into the two input terminals with the output
at zero volts.

INPUT RESISTANCE - The resistance, looking into
either input terminal with the other grounded.
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INPUT BIAS CURRENT - The average of the two
input currents.

INPUT VOLTAGE RANGE - A range of voltage which,
if exceeded on either input terminal, could cause the
amplifier to cease functioning properly.

INPUT COMMON MODE REJECTION RATIO - The
ratio of the input voltage range to the maximum
change in input offset voltage over this range.

LARGE-SIGNAL VOLTAGE GAIN - The ratio of the
maximum output voltage swing (with load) to the
change in input voltage required to drive the output
from zero to this voltage.

OUTPUT VOLTAGE SWING - The peak output swing,
referred to zero, that can be obtained without clip-

ping.

OQUTPUT RESISTANCE - The resistance seen
looking into the output terminal with the output at
null. This parameter is defined only under small
signal conditions at frequencies above a few hundred
cycles to eliminate the influence of drift and thermal
feedback.

POWER CONSUMPTION - The D.C. power required
to operate the amplifier with the output at zero and
with no load current.

SUPPLY VOLTAGE REJECTION RATIO - The ratio
of the change in input offset voltage to the change
in supply voltage producing it.

TRANSIENT RESPONSE - The closed-loop step
function response of the amplifier under small-signal
conditions.

PEAK OUTPUT CURRENT - The maximum current
that may flow in the output load without causing
demage to the unit.

222 Terms Applicable to Voltage
Comparators (e.g. the pA710 and gA711)

LOGIC THRESHOLD VOLTAGE - The approximate
voltage at the output of the comparator at wich the
loading logic circuitry changes its digital state.

INPUT OFFSET VOLTAGE* - The voltage between
the input terminals when the output is at the logic
threshold voltage. The input offset voltage may also
be defined for the case where iwo equal resistances
are inserted in series with the input leads.

INPUT OFFSET CURRENT™ - The difference in the
currents into the two input terminals with the output
at the logic threshold voltage.

INPUT BIAS CURRENT™ - The average of the two
input currents with the output at the logic threshold
voltage.

INPUT VOLTAGE RANGE - The range of voltage on
the input terminals for which the comparator will
operate within specifications.

DIFFERENTIAL INPUT VOLTAGE RANGE* - The
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range of voltage between the input terminals for
which operation within specifiications is assured.

VOLTAGE GAIN* - The ratic of the change in output
voltage to change in voltage between input terminals
producing it with the D.C. output level in the vicinity
of the logic threshold voltage.

RESPONSE TIME* - The interval between the appli-
cation of an input step function and the time when the
output crosses the logic threshotd voltage. The input
step drives the comparator from some initial, satu-
rated input voltage to an input level in excess of that
required to just barely bring the output from satura-
tion to the logic threshold voltage. This excess is
referred to as the logic overdrive.

OUTPUT RESISTANCE - The resistance looking into
the output terminal with the D.C. output level at the
logic threshold voltage.

PEAK OUTPUT CURRENT - The maximum current
that may flow into the output load without causing
damage to the comparator.

POSITIVE OUTPUT LEVEL" - The D.C. output voltage
in the positive direction with the input voltage equal
to or greater than a minimum specified amount.

NEGATIVE OUTPUT LEVEL* - The D.C. output volt-
age in the negative direction with the input voltage
equal fo or greater than a minimum specified
amount.

POWER CONSUMPTION - The D.C. power into the
amplifier with no output load. The D.C. power will
vary with signal level, but is specified as a maxi-
mum for the entire range of input signal conditions.

OUTPUT SINK CURRENT - The maximum negative
current that can be delivered by the comparator.

STROBE RELEASE TIME* - The time required for the
output to rise to the logic threshold voltage after
the strobe terminal has been driven from the zero to
the one logic level. Appropriate input conditions are
assumed.

STROBED OUTPUT LEVEL* - The D.C. output volt-
age independent of input voltage, with the voltage
on the strobe ierminal equal 1o or less than a mi-
nimum specified amount.

STROBE CURRENT - The maximum current drawn
by the strobe terminal when it is at the zero logic
level.

*For the pA711 these definitions apply for either
side with the other disabled with the strobe.

2.3 DESCRIPTION OF p1A702A
CIRCUIT OPERATION
2.3.1 Introduction

The pA702A is a high gain amplifier whose opera-
ting characteristics are mainly determined by the
use of external feedback elements. It is useful as a
general-purpose D.C. or A.C. amplifier to frequencies
as high as 30 MHz.
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The circuit described below has been designed
employing the basic philosophies outlined in Section
2.1. The necessity for high-valued resistors and com-
plementary transistors has been eliminated at no

sacrifice to performance. In addition, the important

characteristics of the amplifier are dependent only
on the matching of components, rather than on their
absolute value. The degree of match normally avai-
lable in integrated circuitry makes any adjustments
after manufacture unnecessary.

The active area of the integrated amplifier has
been minimised not only to improve high-frequency
response, but also to reduce the possibility of cry-
stalline defects and surface phenomena causing
failures. This decreases manufacturing costs as
well as increasing reliability. The small size of the
circuit is illustrated in Fig. 2.9 where it is compared
with an early Planar transistor. Typical internal con-
struction is shown in Fig. 2.10.

Fig. 2.9 - Comparison of the SGS pA702A (left) with a BFX69 Planar Transistor

P Isolation Diffusion \’
N Transistor Eminters .
and Collector Contacts

N-t Sub-Collector Region

N Epitaxial Layer

| \\\\\\\

P Transistor Bases and Diffused Resistors

Fig. 2.10 - Sectional View of an SGS Planar Epitaxial Integrated Circuit

L
i

Aluminium Interconnections

Oxide Surface Protection

P Subsirate

232

In general, the desirable characteristics for an in-
put stage of a D.C. amplifier are low offset voltage,
offset current, input current and thermal drift. Mat-
ching differential pairs are almost universally used.

Input Stage
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With this configuration, the input bias of one active
device cancels that of ttre other to give offset and
drift dependent only- on the degree of match.

In cases where the offset voltage is of prime im-
portance, the bi-polar transistor is undoubtedly the
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best choice of an active device for the input stage.
Offset voltages of a few millivolts are easily obtai-
ned over a wide temperature range. Low input cur-
rents and high input impedance can be realised by
using very high-gain transistors, and operating them
at sufficiently low collector currents.

A Darlington input stage can also be used at some
sacrifice in offset voltage, thermal drift and noise
figure.

Other active devices, notably the Field Effect tran-
sistor, are difficult to match closer than several tens
of millivolts. Low offset and drift cannot be obtained
without elaborate compensation procedures. The-

refore, the use of these devices is limited to cases -

where offset voltage is of secondary importance and
an input current less than a few nanocamps is man-
datory. It appears that the most satisfactory com-
promise for the input stage of a general-purpose
amplifier is a matched pair of bi-polar transistors
operated at a low collector current. In an integrated
circuit, the input stage transistors can be matched
quite easily over several decades of collector current
by making them with identical structures and lo-
cating them phisically close together. There is, ho-
wever, a problem in obtaining the low collector cur-
rents; conventional circuit designs would require
large resistance values.

Much reduced resistance values can be used at
the expense of input stage gain. Analysis of the pro-
blem shows that a.low gain in the input stage can
be tolerated if the second stage is well balanced.
The offset of the second stage appears as an input
offset divided by the gain of the input stage.

In the distribution curves obtained in manufactu-
ring an integrated amplifier, the input stage offset
will add with the equivalent second stage offset as
the square root of the sum of squares. For example,
if the gain of the input stage is 2 and the 90% point
in the distribution curves for the individual input and
second stage offset is 5 mV, the 90% in the distri-
bution of complete amplifiers will be only 5.6 mV.
Hence, even with this low gain, the offset contribu-
tion from the second stage is quite small.

These facts were used in the design of the input
stage. The transisiors are operated at 200 pA collec-
tor current, but only 2 kQ collector load resistors
are used.

This gives an unloaded differential gain of approxi-
mately 15. Therefore, if a balanced second stage
design is employed, its contribution to input offset
can be made negligible.

The differential input stage (TR, and TR;) and its
load resistors (R; and R,) can be seen in Fig. 2.11.
The emitters of the input stage are fed from a current
source (TR;) to obtain good input common-mode
rejection. The current source is biased from a volt-
age divider. The Vg of the current source transistor
is compensated in the divider with a diode-connec-
ted transistor (TRy).

2.3.3. Second Stage

It is now necessary to design a second stage con-
figuration that will both operate with the smali D.C.
voltage drops across the input stage load resistors
and be inherently as well balanced as the input

Schematic Diagram
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stage. The full differential gain of the input stage
should also be used. It would also be of advantage
to have a single-ended ouiput since coutinuing with
a differential connection to the third stage increases
the number of components and creates physical la-
yout problems on the silicon chip.

A connection which satisfies all these require-

" ments is shown in Fig. 2.11.

TRs and TRs are identical transistors placed close
to one another. Their bases are fed from a common
voltage point through identical resistors (the input
stage load resistors R, and R;). Therefore, when the
input stage collector currents are equal, the collector
currents of TR, and TR, will likewise be equal, so
that the second stage is balanced. TR, also functions
as a unity-gain amplifier which inverts the output
of TR, and combines with the output of TR; at the
base of TRs. Therefore, the full differential gain of
the input stage is used. A single-ended output is
obtained at the collector of TRs.

An additional feature of this circuit is that, under
balanced conditions, the single-ended output of TR;
is insensitive to changes in positive supply voltage.
If the positive supply voltage is increased, the col-
lector currents of both TR, and TR; will increase
such that the voltage on the collector of TRs remains
constant. If this voltage should change by small
amount due to mismatches, the change is divided
by a gain of approximately 1000 before appearing as
an input-referred error.

Because of the small load resistances of the input
stage, the second stage amplifier (TRs) is essentially
voltage driven. Therefore, the gain is not greatly
affected by the current gain of TRs; and is relatively
constant over a wide range of operating tempera-
tures.

2.3.4 Output Stage

The first two stages have provided nearly enough
voltage gain for the amplifier. Since both po-
sitive and negative output swings are desired, so-
me form of D.C. level shifting must be provided as
the output of the second stage cannot swing nega-
tive. One solution to this problem is to use a PNP
transistor both to give level shifting and to provide
some additional gain. In monolithic integrated cir-
cuits, however this may not always be a convenient
answer.

A second approach to level shifting is the use of
a Zener diode. One problem here is that Zener
diodes are noisy and appreciably affect the overall
noise figure of the amplifier. Furthermore. only a
single-voltage Zener diode (the emitter-base junc-
tion) is usually available in the circuit.

In this amplifier, an entirely new output stage de-
sign is used to avoid these difficulties. It incorporates
only NPN transistors and no Zener diodes. Its per-
formance is, however, comparable to the best design
using complementary transistors.

As can be seen from Fig. 2.11 the output of the
second stage is buffered with an emitter-follower,
TRs. A current source (TRy) provides a voltage drop
across Rs which gives the basic level shifting. An
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additional emitter-follower (TR;) is used to give low
output impedance. The load resistor of TR; is fed
back to the emitter of TRe giving a controlled amount
of positive feed-back. Hence, the output stage actual-
ly has a gain in addition 1o D.C. level shifting. The
feedback also enhances the available output swing
so that it is nearly equal to the supply voltages.

Summarising the characteristics of this output
stage, it has a 200 k) input impedance, a 5V D.C.
level shift, a voltage gain of 2.5 and a 200 Q) output
impedance. [t can deliver a peak-to-peak symme-
trical output swing of about 1.8 times the negative
supply voltage.

2.3.5 Conditions for D.C. Balance

An interesting feature of the overall amplifier de-
sign is that D.C. balance (zero output for zero input)
can be obtained independent of the supply voltages
and absolute resistors values. This will be shown to
hold through to a first approximation in the analysis
which follows. Infinite current gains will be assumed
for the transistors, as will perfect component mat-
ching in some cases. In addition, the emitter-base
voltage of certain transistors will be considered
equal even though they are operating at different
current levels. The latter assumption is not unreaso-
nable in an integrated circuit because the transistor
geometries can be scaled in proportion to the opera-
ting current.

Using Fig. 2.11 the output voitage can be written
as:

Vou = VF — Raics — Rsice — 2Vee

If the input stage collector currents are equal TR,
and TR; are well matched and R, is equal to R,, then
ics and ics will be equal. Thus,

R
Rs + — icr—Vege =0

2

The collector current of TRg is given by

Ro(V™ + Vi)

Rl 1 (V__Voul)

ics =
RiiRy,
RH +R12

While the collector current of TR, is

Ro(V~ 4 Vi)

o= T (4
RE(R7+R9)
] Vour =

substituting (3) into (1) yelds

(-

RsRn

RioRn+ RigRiz+ RiiRyz
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R9 RH
Rs —
R;+ R, Rii+ R
:V‘—R,iics"l" V- +
RHR12
Rll + Rl’z
RoRs5
R;+Ry
+ —2 Veg voveenne- (5)
RHRIZ
R]o + — —
RH + Rl2
Combining (4) and (2) gives
R
Rq R3 +—
2
V* — Raigs + — V- +
Ra(R;+Ro)
R
Ri+— [ Re
2
+ — —1 J VBE_O ......... (6)
Re(R; + Ry)

For balanced input and second stages, as assu-
med, the output voltage will be given as a function
of circuit parameters by the set of equations (5) and
(6). It is desired that the ouiput voltage under these
conditions be zero, independet of supply voltages.
This can be accomplished by setting the coefficients
of V*, ics and V= in (5) equal to the corresponding
coefficients in (6). Hence, if

Rs=Rs . (7)
and
R Rn ( R,
RS - Rg L R3+——'
R, +R, Ru+Ri 2
R1Ri2 Rg(R7+Ro)
Rio+——
Rn+Rw (8)

Equati'ons (5) and (6) can be combined to give:

] Vo =

RSRH

1—
[ RIORH+R|ORI2+ RHRIQ

ReRs [ R ]
Rq R3+—“
R,+ R 2
=| —1+ S B
RHR12 RB(R7+R9) J
RH + R'IQ
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substituting (8) Eqg. (9) vields

Vout =—Vee

Since Vg is approximately 700 mV and the open-
loop gain of the amplifier is approximately 3000, the
input referred offset is roughly 0.23 mV. This is about
an order of magnitude smaller than offset due to
random mismatching so the output voltage at nuli
given by equation (10) is essentially zero and inde-
pendent of both the supply voltages.

Furthermore, if every resistor in the circuit is
multiplied by any constant, equations (7) and (8) will
not be altered. Therefore, the conditions that esta-
blish equation (10) are dependent only on resistor
ratios — not absolute values.

Rough order of magnitude calculations show that
for hge>30 the assumption that hge is infinite is rea-
sonable. This has been substantiated by experimen-
tal work. The effect of current gain on offset was
found to be substantially less than the offset due to
other causes. In fact, the offsets produced by the
differential base currents tend to cancel nearly as
well as the current-gain matching of various units
will permit.

2.3.6 D.C. Offset and Component Matching

It was assumed previously that certain components
were perfectly matched and that the ratio of all
resistors was constant. In practice, this is obviously
not quite true. The effect of mismatches on offset
voltage is briefly examined below.

The sensitivity of the offset voltage to deviations
in resistor ratios is conveniently determined by chan-
ging, independently, the value of each resistor in the
circuit and measuring the effect on offset. This
has been done with the amplifier, and the results are
given in Table 1.

Nominal Change in
Resistor Value Offset Voltage
(k€2) {mV)
R, 2 + 2
R, 2 —29
Rs 8 —0.7
R 8 + 0.5
Rs 3.4 + 03
R; 2.4 —0.1
Rs 2.4 + 04
Ry 0.48 + 0.1
Rio 0.24 —0.1
Ry 0.24 —03
Rz 2.6 + 0.2
Table 1 - Change in Input-referred Offset
Voltage for 10°% Change in Individual
Resistor Values
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Except for R, and R,, a 10% change in any resistor
value has little effect on offset. Since, as has already
been mentioned, the actual resistance ratios in inte-
grated circuitry can be held substantially closer than
10%s, deviations in the resistance ratios of R;, Ry, etc.
to Ry, can be neglected.

Of greatest importance is the matching of R; and
R,, rather than the other resistors, because the off-
sets tend to cancel if both change together, as can
be seen from Table 1. For this reason, the techni-
ques outlined in paragraph 2.1 are employed; i.e.,
they have identical geometric structures, are located
close together and have a wider track than the other
resistors.

The offset sensitivity to mismatches in transistor
parameters can likewise be determined. Experimen-
tation, similar to that used to determine sensitivity
to resistor values, has shown that the matching of
TR, with TR; and TR, with TRs in both current gain
and emitter base voltage clearly dominates in deter-
mining offset. Every effort was made in mask design
to ensure that these pairs would be well matched.
First, the devices were located as close together as
possible. The small size permitted centre-to-centre

spacing of 5 mils. (0.127 mm.). Second, the distance
between these transistors and elements dissipating
appreciable power was made as large as possible
to minimise the effect of thermal gradients.

24 SUMMARY OF pA702A PERFORMANCE

2.4.1 Amplifier Basic Characteristics

Typical performance of the amplifier is summarised
in Table 2. In general, the uA702C may be used in
the circuits described in the Handbook unless spe-
cifically stated otherwise. Due regard must be taken,
however, of certain relaxations in specifications
when calculating drift, etc. Reduction in guaranteed
open-loop gain may reduce the stability of the clo-
sed-loop gain under varying operating conditions.
Details such as maximum operating conditions and
tolerance spreads can be obtained from the appro-
priate data sheets. Inherent balance of the design
is demonstrated by the low offset voltage and ther-
mal drift characteristics and excellent supply voltage
rejection.

Input Offset Voltage
Input Offset Current
Input Bias Current
Input Resistance

—55°C =T, =125°C Rs =500
Common-mode Rejection Ratio
Large-Signal Voltage Gain

Output Resistance

Output Voltage Swing

Power Consumption

Supply Voltage Rejection Ratio

All data for 25°C ambient temperature unless otherwise indicated

Temperature Coefficient of input Offset Voltage

Vt =12V Vt =6V
V- =—86V V- =—3V
0.5 mv 0.7 mv
0.18 pA 0.12 A
2pA 1.2uA

40 k2 67 kQ
25 pV/eC 3.5pVv/eC
95 dB 956 dB
3600 900

200 Q) 300 Q
=53V =27V
80 mWw 17 mW
75 pv/v 75 puVv/vV

Table 2 - Typical Performance of the wA702A Integrated Operational Amplifier

The amplifier may be operated with practically any
combination of supply voltages, within certain limits,
without greatly affecting offset. The gain and output
swing will, of course, be determined by the supply
voltages. The indicated 2:1 ratio of positive and ne-
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gative supply voltages need not be maintained. In-
creased output swing (up to about = 7V) can be
obtained with larger negative supply voltages. Little
is gained, however, by increasing the negative supply
voltages beyond 70% of the positive supply voltages.
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The voltage gain and input bias current of the
amplifier are roughly proportional to the negative
supply voltage.

Fig. 2.12 gives a plot of the open loop gain as a
function of temperature.

In general, the amplifier favours high temperature
operation for the input resistance and bias current.
Since the current gain of the transistors increases at
high temperatures, higher input resistance and lower
input bias currents are obtained, as shown in Fig.
213 and Fig. 2.14. The increased current gain also
gives some improvement in balance, gain stability
and thermal drift. These facts, along with the small
size of the amplifier, indicate that it is well suited to
applications where a temperature-stabilizing oven
can be used to obtain very low drift. Excellent per-
formance can be obtained even if the temperature
control is rather loose.

4200

3800

3400

3000
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Fig. 2.12 - Voltage Gain as a Function

of Ambient Temperature
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Some improvement can, in fact, be obtained
simply by locating the amplifier at some « hot spot »

within the equipment. 8 —r—T 17 Al ] '
The voltage tfransfer characteristic of the ampli- RV_"L:E%/V A ——
fier given in Fig. 2.15 illustrates the output swing 4 — F 1T, = 25°C

—55°C{ T, = 125°C

—{
>
1

capabilities and the linearity. The maximum available
symmetrical output swing is plotted as a function of
load resistance in Fig. 2.16.

The primary limitation on negative output swing
under load is the current available from the output
circuit resistor (R,) (see Section 2.3.2, Fig. 2.11) to
drive the load with negative outputs. Therefore, the
swing can be improved by connecting an external 10k /
resistor (R,) between the output terminal and the ne- —4 R, = 100 k' }
gative supply voltage as shown in Fig. 2.16. Even _6 ‘Lﬁf
larger swings can be obtained if the resistor is re- —5 —3 _1 1 3 5
fturned to a more negative sgpply. Since the output INPUT VOLTAGE - mV
impedance is quite low, considerable excess current
can be drawn in this fashion without affecting offset . -
or gain. Peak currents as high as 50 mA may be ob- L Fig. 2.5 - Voltage Transfer Characteristic
tained from this amplifier.
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Fig. 2.16 - Maximum Output Swing as a Function of Load Resistance
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Since the injection efficiency of TR; falls off with
increased collector current, for open-loop linear
operation it is necessary to limit the output current

to 10 mA or less, according to the circuit confi- 1 V#:l 125
guration. 701 e Vo= 6V
As has been previously mentioned, there is a limit @ &0 ™ lTA = 25°C |
to the maximum negative excursion of the output = N Co
voltage dependent upon the output load impedance. <Z( 50 !
The open-loop frequency response of this ampli- O 40 } \
fier is of great importance, as it is primarily designed & i
to be used as a feedback amplifier. Specifically, it z % T N7
is desired that the high-frequency roll-off be less 3 20 . \\
than 12 dB per octave at frequencies where the loop- = | ‘ N
gain is greater than unity. If this condition is not 10 I \ ‘
satisfied, the amplifier will oscillate when feedback 0 | AR J N |
is applied. 100 K 1M 10M 100 M
The open-loop frequency response of the ampli- FREQUENCY (Hz)
fier is plotted in Fig. 2.17.
ig. 217 - O -1 F R
The high-frequency roll-off approches 12 dB per Fig- 2.17 pen-loop Trequency Hesponse
octave at 7 MHz for an open-loop gain of somewhat
10 K2 ——7
—— ‘ v+ = 12V
1T 70 - L» L V- =BV
| T, = 25°C
Y |
509 T | *\ f
‘ |
50
= T N
———O VvV, 2 40 1
=z
g 30
Vin 20
10
Test Circuit 0
0.1 1.0 10 100

FREQUENCY {MHz)

Fig. 2.18 - Closed-loop Frequency Response of a « X200 » Amplifier without External Frequency Compensation

less than 50 dB. Therefore, the amplifier is stable for
closed-loop gains higher than 50 dB. To illustrate the
point, a typical circuit for a 46 dB amplifier is shown
in Fig. 2.18 along with the closed-loop frequency
response.
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It can be seen that there is almost 6 dB of peaking
at the high-frequency end, indicating that the phase
margin is probably less than 30°. For most practical
circuits, in order to ensure stability under adverse
conditions, it is usual to specify a minimum phase
margin of 45°.

This would correspond to a maximum peaking at
the high-frequency end of approximately 3 dB.

As shown in Fig. 2.18 the bandwidth of the am-
plifier is extended by application of feedback. Howe-
ver, the full output swing of the amplifier cannot be
obtained over this extended frequency range. The
basic frequency limitations of the output swing are
indicated in Fig. 2.19. The subject of frequency
compensation and stability is more fully discussed in
Section 5.

Due mainly to internal capacitance effects, the
very high common-mode rejection ratio of this am-
plifier is reduced at high frequencies. Since the
capacitance of the input stage has more effect with
high source impedance, the common-mode rejection
ratio is also a function of this circuit condition. Fig.
2.20 illustrates this relationship.
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2.4.2 Prevention of Input Latch-up Conditions

From the circuit diagram of the amplifier, referen-
ce Section 2.3, Fig. 2.11, it can be seen that, if the
input voltage on the inverting input terminal excéeeds
2 Vge, the input stage transistor will saturate.

If this happens, the circuit will still have gain but
the inverting input will now act as a non-inverting
input. Therefore, it is important to ensure that large
output swings cannot saturate the input stage
through the feedback network, as this can result in
positive feedback and a latch-up condition. If the
feed-back path from the output has a sufficiently low
impedance, the resulting current flowing at the col-
lector-base junction of TR, and the emitter-base
junction of TR, can reach levels at which permanent
damage may occur.

25

To saturate the input stage, the maximum com-
mon-mode voltage on the input terminal must be
exceeJded, and enough current must be supplied to
saturate the input stage (a current nearly equal to
the collector current of TR; would be required). In
general, this is not a problem if the closed-loop gain
is greater than 10 or if the feedback resistor between
the output and inverting input terminals is greater
than 50 k). If there is any doubt, the latch-up con-
dition can be positively eliminated by connecting a
limiting diode between the inverting input terminal
and ground as shown in Fig. 2.21 (a).

If it is desired to determine whether a certain
feedback configuration can produce latch-up, the
equivalent circuit in Fig. 2.21 (b) can be used. The
maximum output voltage of the amplifier is about 1V
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less than the positive supply voltage (V*), the mini- (Vt—1)
mum current that will saturate the input stage is By <05V <R,

200 A and the minimum input voltage for saturation Ri+R,
is 0.5V.

Therefore, sufficient conditions for the elimination
of latch-up are:

- R'I |sal

(b)

Feedback Circuit and Limiting Diode Equivalent Circuit for Latching Condition

E,

Fig. 2.21 - Circuits Used to Determine whether Limiting Diode is needed to Prevent Possible Latch-up Condition

Two other circuits which are potentially prone to
latch-up conditions are shown in Fig. 2.22 and 2.23.
Transients present at the output can drive the am-
plifier beyond its positive common-mode limit
through the integrating capacitor C,.

|
-

——1 }—e

Ry
R,
Vi, O—1__1—¢ 2
BA702A 7 —OV,
BAY 73 6
D, 3
R, Cs C,
Eﬁd

Fig. 2.22 - Integrator Circuit with Latch-up Protection

O

out
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Fig. 2.23 - Non-linear Amplifier with Latch-up Protection

This current can reach destructive levels if the
integrating capacitor is more than 10 times larger
than the frequency compensating capacitor on pin
(6). The clamping diode, however, completely eli-
minates the problem. A sufficiently large compensa-
ting capacitor will limit the peak diode current to
a reasonable value.

The amplifier circuit shown in Fig. 2.23, which
has a nonlinear (clipping) transfer characteristic, is
also vulnerable to a latch-up condition, due to the
possibility of excessive current flowing throug D; to
the inverting input terminal pin (2). Here again, the
inclusion of D, eliminates the problem. R, has been
included to limit the maximum possible current flo-
wing through D; and D,.
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2.4.3 General Circuit Precautions

The previous section describes how the possibility
of input latch-up and consequent circuit malfunction
may be guarded against by the use of diodes at the
input terminal.

A diode used in a similar configuration is a useful
means of protecting input where there is risk of
large input transients occurring.

Fig. 2.24 shows an example where the pA702A,
used as a differential amplifier, is protected against
positive transients at both inputs. Additional diodes
connected with reversed polarity would provide ne-
gative transient protection, although, as can be seen
from the specifications, these would not normally
cause damage unless they exceeded — 5V in ma-
gnitude.

D, = D, = BAY 73

Fig. 2.24 - Input Transient Protection

HA702A 7

In order to ensure that no damage to the output
stage can occur, certain precautions should be
observed.

As indicated by the data sheets, peak output cur-
rent should not exceed 50 mA. This does not neces-
sarily allow the output to be short-circuited with
safety, even for short periods, since the current may
well exceed this value with consequent overheating
of the output transistor.

Average output current is determined by total in-
ternal power dissipation considerations. 200 mW for
the flat package and 300 mW for the the TO 5 can
will allow operation in ambient temperatures up to
100°C.

Using positive 12V and negative 6 V power sup-
plies, this would give 3mA and 8 mA as a conser-
vative estimate for the maximum average current for
the flat package and TO 5 can respectively.

Considerably greater average current may safely
be obtained where reduced maximum ambient tem-
perature can be guaranteed, lower power supplies
and efficient heat-sinks are available. In case of
uncertainty the manufacturers should be consulted.

Fig. 2.25 shows a circuit configuration which could
result in excessive current from the amplifier. Unless
a resistor (R,) is inserted in series with the base of
the following transistor, it is possible for that stage
to saturate and current to flow via the comparatively-
low-valued emitter resistor R, to earth.
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Vv +

BAT02A 7

Fig. 2.25 - Output Current Limiting

There is a possibility that excessive peak current
may be delivered by the amplifier under certain con-
ditions if the load is highly capacitive. In this case
the circuits shown in Fig. 2.26 may be used for pro-
tection. In Fig. 2.26 (a) a resistor (Rs) in series with
the output is used to limit the peak current charging
C.. Bearing in mind that the typical open-loop in-
ternal impedance of the amplifier is 200 ohms, an



section 2 continued

additional resistor of 270 ohms would provide ade-
quate protection for worst-case conditions. Another
approach is shown in Fig. 2.26 (b), a capacitor is
connected between the lag compensation point
(pin 6) and earth which has a value equal to, or

greater than, one-tenth the value of the effective
parallel-load capacitance. By this means the
« slewing » rate is limited to a value which prevents
excessive output current. 1t should be noted that
both the circuits will restrict the bandwidth of the
amplifier.

R, R,
. L
— L ]
R, R
o— 1 o—{ ] 2
A702A FA702A 7
R, B R, v
O—1 o—{ +—s
L R C. R_
T
(a) (b)
Series Resistance Limiting O/P Rise-time Limiting
Fig. 2.26 - Peak Current Limiting with Capacitive Loads
If the pA702A is used to drive logic circuits it is
important to limit the maximum output swing of the
amplifier, both because damage might be caused to D, = D, = BAY 73
the input of the logic integrated circuits and becau-
se excessive current might flow through the outpui
transistor as a result, for example, of forward biasing
any of the isolation PN junctions within the LOGIC

logic element.

Fig. 2.27 shows a method which effectively overco-
mes the above problems. The D, prevents negative
excursions of the amplifier from exceeding approxi-
mately — 0.7 V (the internal impedance of the am-
plifier for negative swings limits the output current
to a safe value).

The diode D, connected between pin (6) (i.e. the
lag frequency compensation point which is equiva-
lent to the base of the output emitter-foliower) and
the positive rail of the logic supply will prevent
the output voltage from rising above that of the logic
supply.

If the uA702A is used to drive an RT L micrologic
family, it is also necessary to insert a 640 ohms resi-
stor in series with the output. In these conditions, the
fan-out of the nA702A is 5. A fan-out of up-to 10 can
be obtained by reducing the resistor at the output to
320 ohms.

For the DT L micrologic family, the fan-out is limi-
ted to 1. A higher fan-out is available if a resistor
is connected between the amplifier output and the
power supply negative terminal. A 3.8 kQ resi-
stor will allow a fan-out of 2 and that of 2 kQ
provides a fan-out of 3.
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TO LOGIC + SUPPLY

Fig. 2.27 - Logic Compatibility

2.5 DESCRIPTION OF _A709
CIRCUIT OPERATION
2.5.1 Introduction

The pA709 is a high-gain operational amplifier
intended for use in D.C. servo systems and high im-
pedance analogue computers, also for low-level in-
strumentation applications and for the generation of
special linear and non-linear functions.
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The circuit described below has been designed
employing the basic philosophies outlined in Section
2.1. 1t gives a performance which is comparable to
the best discrete component designs, yet it is re-
latively simple to build in monolithic form. It features
low offset, high input impedance, a Iarge' input
common mode range, high gain, low power consum-
ption and a large output swing under load. The
.amplifier displays exceptional temperature stability
and will operate over a wide range of supply volt-
ages with little degradation of performance. The sui-
tability of the circuit for integration is indicated by
the fact that it is constructed on a 0.085 mm?
silicon die using a six-mask Planar epitaxial process
which is nearly indentical to that employed with
common digital integrated circuits. A photomicro-
graph of an actual amplifier is shown in Fig. 2.28.

2,52 Input Stage

Darlington-input amplifiers have generally been
used in microcircuits requiring high input impedance
because of restrictions on maximum resistance va-
iues, which make it difficult to operate transistors
at low collector currents. With D.C. amplifiers, the
Darlington connection has the disadvantage of con-
siderably higher offset and thermal sensitivity than
a non-Darlington differential pair. In addition, inpui
impedance and input currents vary as the square of
the current gain with a Darlington connection, so it
does not provide a great performance advantage
when full temperature range operation is considered.

Fig. 2.28 - Photomicrograph of the SGS wA709
High Performance Operational Amplifier

The described design is a departure from this con-
ventional approach: the input stage is operated at
low collector currents but without requiring usual-
ly large resistance values.

One unusual feature of the input stage is the cur-
rent source for the emitters of the input transistors
which is shown in Fig. 2.29.

It makes use of the highly predictable difference

feio l TRy,
TRio
Ru AV
V_

l !
(,m a
l TRyo

Fig. 2.29 - Simplified Circuit of Input Stage Current Source

AVge = Vgeio ~ Vaen

KT
= ——log,

'CIO

‘CH

AVge

ley =
R

in the emitter-base voltage of two identical transi-
stors operating at different collector currents to form
a microampere current source using resistances of
only a few kilohms.

With reference to Fig. 2.29, a relatively-large cur-
rent (1) is passed through the diode-connected tran-
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sistor, TR Assuming large current gains for
TRy, and TRy, the collector current of TRy, will be
equal to this current. The emitter-base voltage of
TR, is used to bias the current source, TRu. The
resistor in the emitter of TR,;, determines the collec-
tor current of the device.
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This type of current source is described in detail
in Section 2.1.2; but to give an example of its ope-
ration, it might be assumed that the biasing transistor
TR, is operating at 1 mA collector current and that
it is desired to operate TR;, at 10 uA. For this ratio
of collector currents, the emitter-base voltage dif-
ference between the two devices will be 120 mV at

room temperature (60 mV/decade). Therefore, it is -

only necessary to insert a 12 k(2 resistor in the emit-
ter of TRy, to obtain the desired 10pA collector
current.

The differential input stage (TR, and TR;) and its
collector load resistors (R; and R;) are shown in the
complete circuit of Fig. 2.32. The input stage opera-
tes at approximately 20 pA collector current. The col-
lector load resistors are relatively small for this
current level, but they do provide enough gain to
make the effect of second stage offset small if the
second stage is reasonably well balanced.

Another interesting feature of this input stage is
that the variation in current-source current with tem-
perature almost exactly compensates for the varia-
tion in input stage transconductance. As a result,
the voltage gain holds constant, within a few per-
cent, over the full operating temperature range of
the circuit. In addition, the collector current of the
current source is roughly proportional to the logari-
thm of the collector current of its biasing transistor.
Since the collector current of the biasing transistor
varies approximately as the supply voltage, the in-
put stage operating level is practically unaffected
by supply voltage changes.

253 Second Stage

The second stage design is similar to that descri-
bed in Section 2.1.2. A simplified circuit is shown in
Fig. 2.30.

$—oOv+

TR,

<

Fig. 2.30 - Simplified Circuit of Second Stage

Fig. 2.31 - Circuit IHustrating Principle of the Modified Darlington Connection

AVge = Vies - Vagis
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The input stage collectors are connected to the
bases of the second stage transistors. The collector
load resistors of the input stage, R; and R,, are con-
nected as shown. In the simplified circuit, TR, is the
second stage amplifier while TRs provides balanced
biasing. TR; also serves as a unity gain inverter, de-
livering the full differential output of the input stage
{o the base of TR, This helps to minimise offset and
thermal drift since the input stage has low gain
because of the low-value collector load resistors. As
pointed out in Section 2.1.2, this second stage de-
sign is extremely useful in going from a differential
to a single-ended connection in that it provides
excellent isolation to variations in supply voltage
when Rs and R¢ are equal.

The actual circuit employed is shown in Fig. 2.32.
A modified Darlington connection is used in the se-
cond stage to prevent loading of the input stage. This
makes the second stage gain proportional to the

predictable transconductance characteristic of the
transistors, rather than the current gain.

A unique scheme is used to make the Darlington-
connected second stage insensitive to high tempera-
ture leakages and stabilize it over the operating tem-
perature range. This is shown in Fig. 2.31. The con-
ventional way of accomplishing the task would be to
connect a resistor across the emitter-base junction of
TRs. However, the required value of resistance would
be large; and since the emitter-base voltage has a
negative, and the resistor a positive temperature
coefficient, the bleed current would become small
at high temperatures where it is needed most and
large at low temperatures where it is undesirable.
However, with the scheme in Fig. 2.31, resistance
values more than an order of magnitude lower can
be used, and the bleed current has a strong positive
temperature coefficient, as desired.

Schematic Diagram

INPUT FREQUENCY
COMPENSATION

To-5 Connection Diagram

10 Os (top view)
7
‘0 v
R, Rie
10 kQ 20 k2
J.\ TR, TR,
RZ
25 xQ |
Y INPUT FREQUENGY
‘ COMPENSATION
R7 []
0 V+
TR, 1KQ
R, INVERTING A } OUTPUT
3KQ INPUT )
FREGUE
- NCY
q NON-INVERTING Q) O/ COMPENSATION
1 QUTPUT O
TRy 06 V-
'\l 30 k2
! +
QUTPUT
Ps R FREQUENCY
',:\F',E'?T'NG 36 k02 OKQ COMPENSATION
20 TR, 05
Ruo
3 on 18 k(2 TR,
INVERTING TR, Note: Pin 4 connected 1o case.
INPUT
RIZ
TR, TRy, 10KQ
Ry Ris
2.4 k2 750
4
— o V-

Fig. 2.32 - Complete Circuit of the 1A709 Amplifier
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As is clear from the figure, it uses the same prin-
ciple as the input stage current source.

The remaining details of the second stage are
that an emitter-follower, TRy, is used to keep the in-
put stage collector currents out of the collector of
TRs. Additionally, a second emitter-follower, TR, is
used to prevent loading of the second stage by the
output stage.

2.5.4. Output Stage

Level shifting to the output stage, Fig. 2.32, is
accomplished using a lateral PNP transistor, TR,,
similar to that described in Section 2.1.2. It is made
using what is usually an NPN base diffusion for an
emitter. This is surrounded by a second base diffu-
sion which serves as a collector. The normal NPN
collector region is then the PNP base. This struc-
ture suffers from a rather wide base, displaying a
low current gain (approximately 2). However, it has
the distinct advantage that it can be made with the
standard NPN process with no additional steps or
control. The circuit is designed to operate satisfac-
torily with current gains lower than 0.2, so the de-
vice presents no problem in that the PNP will work
well enough as long as the junctions are good.

A complementary, class-B output stage is used.
The circuit has a built-in dead zone to prevent latch-
up or runaway under overload conditions; each out-
put transistor is positively turned off before the other
is allowed to conduct. However, a large amount of
internal feedback, through Ris, is used. This not only
gives a low output resistance but also makes the
crossover distortion almost indiscernible — even on
the open-loop transfer function. An additional advan-
tage of this scheme is that the output stage quie-
scent current is held to a minimum which helps
the design objective of low power consumption.

A vertical PNP transistor is used in the output
stage. This device uses the NPN base diffusion for

an emitter and the P-type substrate of the integrated
circuit for the collector (in the lateral PNP, this
PNP action is suppressed by placing the N+ sub-
collector diffusion of the NPN underneath it). This
PNP has a higher current gain than the lateral PNP
but it also presenis no problem as far as device
yields are conceined since it need only function as a
diode to meet circuit requirements.

Although it is not clear from the circuit, the output
stage is actually short-circuit-proof. This characte-
ristic is derived from the fact that the output tran-
sistors (TR, TR,; and TR;,) have small geometries
(the whole integrated circuit is about the same size
as output transistors that would normally be used).
The current gain of these devices is injection-effi-
ciency limited at high current levels. The injection-
efficiency-limited current gain is relatively constant
for a given process and geometry and falls off at
high temperatures so this turns out to be a satisfac-
tory method of short-duration current limiting.

Other details of the output stage are that R,; is
used to make the circuit insensitive to leakages in
TRe and TR,,. Ry; reduces the internal loop gain of
the output stage to stabilize the internal feedback.
The gain of the output stage is essentially determi-
ned by the ratio of Ris to R;, independent of the
characteristics of the active devices.

2.6 SUMMARY OF _JA709 PERFORMANCE

2.6.1 Main characteristics of the 1 A709
Integrated Ampilifier

The typical performance of the pA709 amplifier
has been summarised in Table 3. Performance de-
tails, such as operating limits, parameters and ma-
ximum and minimum ratings can be obtained from
the relevant data sheets, available upon request.
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The amplifier can operate with a large variety of
supply voltages, provided that both negative and
positive voltages are kept equal to each other.

The open-loop voltage gain increases with supply
voltage Vs, as shown in Fig. 2.33, this represents the
maximum and minimum gain as a function of Vs.

Fig. 2.34 shows the minimum values of the maxi-
mum output swing which can be obtained with two
values of load resistance. Fig. 2.35 and 2.36 show
the allowable input common-mode voltage range
and the increase of input current with the supply
voltage respectively.

Since the transistor current gain increases with
temperature, higher input resistance values and
lower bias and offset currents are obtainable at
high temperatures (see Fig. 2.37, 2.38 and 2.39 re-
spectively).

The amplifier transfer characteristic (Fig.: 2.40)

shows the linearity and the output voltage swing of
the wA709. The « broken » curves represent the high
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Fig. 2.36 - Input Bias Current as a Function
of Supply Voltage
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and low temperature transfer characteristics from
which it is possible to see how the voltage gain de-
creases when the temperature increases.

Finally, the maximum output voltage swing as a
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Fig. 2.37 - Input Resistance as a Function
of Ambient Temperature

function of the load resistance is shown in Fig. 2.41.
The frequency characteristics and the noise perfor-
mances of the integrated amplifier are examined se-
parately in Sections 5.3 and 6.3.
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Typical Conditions: T, = 25°C, £ 9V =V, £ £ 15V unless otherwise stated
Input Offset Voltage 1mv
Input Offset Current 50 nA
Input Bias Current 200 nA
Input Resistance 400 kQ2
Output Resistance 150 Q)
Power Consumption 80 mW

The following specifications apply for —55°C = T, < 125°C:
Large-Signal Voltage Gain 45000
Common-mode Rejection Ratio 90 dB
Input Voltage Range =10V
Supply Voltage Rejection Ratio 25 pV/v
Voltage Drift 3uv/rC
Table 3 - Typical Performance of LA709 Amplifier

2.6.2 General Circuit Precautions

Use of the nA709 under certain operating condi-
tions can result in abnormal performance or cata-
strophic failure of the device. Since the source of the
problem is not always immediately evident, the most
common difficulties are dealt with in the following
paragraphs. The protection schemes described may
not be necessary in a well-designed system using
the wA709, but can be used to good advantage in
breadboard and bench work, where accidents are
more likely to happen.

LATCH-UP

The common-mode voltage limits of the wA709 are
determined for negative inputs by saturation of the
current source transistor, and for positive inputs
by saturation of the input transistors. Exceeding the
positive common-mode limit of the device may cause
damage to the inputs through excessive current.
Erratic operation can still result, however, even if
the current is limited to a safe value. If the transisto:
on the inverting input saturates, for example, it no
longer acts as an inverting amplifier but makes a
direct connection between the input and the base
of the second stage transistor — thus becoming a
non-inverting input. This results in positive feedback,
and latch-up will occur if it is possible for the output
voltage to hold the input stage in saturation through
the feedback network.

This tends to be a particular problem with the volt-
age-follower circuit of Fig. 2.42. It is easy for a
transient to trigger latch-up since the output is con-

nected directly to the inverting input. One possible
solution is to put a 33 k{) resistor between the out-
put and input to limit the feedback current, but this
increases the offset voltage. A better method is
shown in Fig. 2.43. The output voltage is prevented
from rising higher than the common-mode limit (volt-
age at base of TR, - Fig. 2.32, Section 2.5.3) by the
diode clamp, D,. This keeps the input transistor
from going into saturation and hence latch-up can-

Fig. 2.42 - Voltage Follower
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Fig. 2.43 - Protection Against Latch-Up

Fig. 2.44 - Protection Against Input Breakdown

not occur. Even though external resistors are not
required to prevent latch-up with this circuit, it is
wise to include some resistance at each input for
protection against differential transients, as discus-
sed subsequently. Up to 10 k) can be used without
increasing the offset voltage above the guaranteed
maximum.

DIFFERENTIAL INPUT VOLTAGE

Although the input common-mode voltage range
of the wA709 is a minimum of =* 8V, the maximum
voltage permitted between the inputs is limited to
+ 5 V. If one of the inputs is grounded, for example,
the other can only be driven as high as +5V or
as low as — 5V without exceeding the limit. It is
important to observe this maximum rating since ex-
ceeding it could cause gross degradation in the in-
put offset current, and input bias current, by drawing
excessive current in breaking down the emitter-
base junctions of the input transistors. The junctions
will short if the current becomes greater than about
50 mA. The circuit can be protected by placing a
pair of Zener diodes across the inputs as shown in
Fig. 2.44, or a pair of fast silicon diodes as in Fig.
245, if the application does not require the full =5V
differential input voltage range.

Some failures have been traced to the use of un-
grounded soldering irons to install the amplifier.
Line transients can feed through the insulation of
the iron and destroy the unit by arcing over the
emitter-base junctions. If the iron is grounded, the
circuit grounded or disconnected from any line-
operated equipment,” and the supply voltages re-
moved, there should be no problem. This type of
damage can also be caused by ungrounded test
equipment and temperature-chamber transients.

37

Fig. 2.45 - Protection Against Input Breakdown

SUPPLY VOLTAGE POLARITY

Another point that is sometimes overlooked is the
polarity of the power supply voltages. It is quite im-
portant that the negative supply terminal always be
the most negative point in a-monolithic integrated
circuit. If the supply voltages are reversed, the iso-
lation diode that normally separates the different
elements in the circuit becomes forward-biased. This
effectively puts a short between the power supplies,
resulting in a large current (greater than 750 mA) that
melts the aluminium metallised interconnections. If
the possibility exists that the supplies could be re-
versed, either by accident or by a turn-on transient
in the power supply step-up, the amplifier can be
protected with a diode as shown in Fig. 2.46.



section 2 continued

OQUTPUT SHORT-CIRCUIT

As explained in Section 2.5.4, the output stage of
the A709 can withstand a short-circuit for a short
period of time. The current gain of the output tran-
sistors is injection-efficiency limited at high current
levels and falls off at high temperatures. This limits
the short-circuit output current to about 75 mA for
any condition of input drive. The length of time that
the device can survive a direct short is a function
of the internal power dissipation and temperature,
and is at least 5 seconds at 25°C.

Protection against short-circuits to ground of any
duration can be made by inserting a small resistor
in series with the output to limit the maximum powet
dissipation. At the expense of a 10% reduction in
maximum output voltage swing (into a 2 k) load),
the 200 Q) resistor shown in Fig. 2.47 will completely
short-circuit protect the amplifier for ambient tem-
peratures to 75°C. The resistor does not affect the
normal operation of the circuit since it is inside the
feedback loop.

If the wA709 is used to drive logic integrated cir-
cuits it is important to limit the maximum output
swing of the amplifier, otherwise damage could oc-
cur at the input of the logic integrated circuits.

Fig. 2.48 shows a method which effectively over-
comes these problems.The diode D; prevents nega-
tive excursions of the amplifier which exceed ap-
proximately — 0.7 V.

The diode D, connected to the positive logic
supply will prevent the output voltage from becom-
ing greater than the logic supply. Finally, the resistor
R, in series with the output [imits the maximum
power dissipation of the pA709.

2.7 DESCRIPTION OF pA710 CIRCUIT
OPERATION

2.7.1 Introduction

The pA710 is a high-speed differential comparator
whose output has been specifically designed to be
compatible with most digita! integrated circuit ele-
ments. The device is capable of making a voltage
comparison with a resolution of 5mV and a re-
sponse time of 40 nanoseconds. The circuitry was
designed using the philosophies outlined in Section
2.1 and is relatively simple.

The essential function of the unit is to compare
a signal voltage with a reference voltage and to pro-
duce either a digital on or zero at the output when
one is higher than the other. It is useful as a
variable-threshold Schmitt trigger, a pulse-height
discriminator, a voltage comparator in high-speed
analogue/digital converters, a zero crossing detector,
or a threshold detector. Units can be combined to
form a phase detector, window discriminator, or a
core-memory sense amplifier. The comparator fea-
tures high-speed, low-offset and a large common-
mode input voltage operating range.
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Fig. 2.46 - Protection Against Power Supply Reversal

ouTt

Fig. 2.47 - Protection Against Output Short-Circuit

TO LOGIC + SUPPLY

ouT

Fig. 2.48 - Logic Compatibility
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2.7.2 The Circuit

The comparator, Fig. 2.49, uses a balanced diffe-
rential input configuration (TR, and TR,) for low
offset. The emitters of the input stage are supplied
from a current source (TRy) to make the operating
current insensitive to the reference voltage setting.
A balanced second stage is also employed, again to
keep the offset small: TR, is the actual second-stage

amplifier, while TR, provides biasing for TR, and al-
SO serves as a unity-gain inverter so that the full
differential output of the input stage is delivered to
the base of TR,. Resistors R, and R, are the collec-
tor load resistors for the input stage and R is the
collector load resistor for the second stage. TR; pro-
vides a sink for the input stage collector current and
TR, is a clamping diode which limits the positive
output swing.

OuUTPUT

Schematic Diagram
—OV +
R-l R§
28KN 3.9KO
>
TR,
RJ
1.1 KR
TR,
R,
500 0
TR, ¢
INVERTING
INPUT TR,
NON-INVERTING O——
INPUT
GROUND O—
Rﬁ
1.7KQ
TR,
TR,
Ra
1002 R,
80
*——Q V—

Fig. 2.49 ~ Circuit Diagram of the pA710

To-5 Connection
Diagram
(top view)

NON-INVERTING ®
INPUT

INPUT

Note: Pin 4 connected to case

Fiat Package Connection
Diagram (top view)

GROUND
NON-INVERT}I)NG

INVERTING :ll’ > V4
IN'L“E::! 1 E=N.C.
Vo =] L 0UTPUT

wF=N.C.
)
'

An emitter-follower is used at the output of TR,
to give a high output current capability. A Zener
diode (D,} in the emitters of the second stage tran-
sistors provides a large input voltage range. An
identical Zener diode in the output emitter-follower
(Dy) level shifts the output back to a level compatible
with logic circuits. TR, isolates the output from the
diode compensated bias divider for the input stage
current source.

Using the diode-connected transistor TR, to com-
pensate for the emitter-base voltage of TR, permits
the current source to operate with a small voltage-
drop across its emitter resistor, Re. This gives an in-
creased negative input voltage limit.
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As can be seen from the foregoing, this voltage
comparator is a high-gain differential input, single-
ended output amplifier, with provision made to limit
the output voltage swing for full compatibility with
logic circuitry.

The inherent balance of the circuit and its
insensitivity to component values and temperature
variation is shown in the following analysis. It is
assumed that all the resistors are perfectly matched
in ratio, that transistors are perfectly matched and
that the Zener diodes are likewise matched. This
is a not unreasonable approximation over a broad
temperature range using integrated circuit manu-
facturing techniques. Furthermore, it will be assu-
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med that the transistor current gains are sufficiently
large so that the base current can be neglected,
although a more complete analysis will show that the
base currents are insignificant if the transistors are
reasonably well matched and the current gain is lar-
ger than about 10.

For zero differential input voltage (i.e. signal volt-
age equal to the reference voltage), the collector
currents of TR, and TR, will be equal since they
are identical transistors with the same emitter-base
voltages. The collector current of TR, can be written
as:

1
VH—Vy— —iceR1—2Vee
2

ics =
Rs + R,

Similarly, the collector current of TR, can be
written as:

VH— Vg — Vg — Vou
iCA B S PN (2)
Rs

where V., is the output voltage.

Because of the balanced configuration, these iwo
currents will be equal so:

1
VT—V;— —icoR—2Vpge
2

R; + Ry Rs

Substituting R; + Rs = Rs, in equation (3)

1

Vo = Vee + — iR
2

It is now necessary to determine the collector
current of TR,. The current in the compensated bias
divider for TRe is:

. VA _ 2VBE
o =—mm™m™™ . (5)
Ré + R7

The collector current of TR, will be

R,
leg = — lcwo
8

or
R, V- — 2VBE
= — (6)
Ra R(, + R7
Substituting (6) in (4)

R\R7 V- — 2VBE
Vour = VBE +

2Ry Rs + Ry
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Using the values in Fig. 2.49

Vout = O.SVBE + 016 A\

which gives a nominal output voltage of 1.4V with
V =—6V and zero input voltage.

This is a good choice since the threshold voltage
of standard logic circuits is between 0.7 V and 1.7 V.

However, the exact output voltage is only a se-
condary consideration since the voltage gain of the
comparator is quite high (1500) so the difference bet-
ween a 1.4V and 0.7 V threshold is only about 0.5 mV
at the input.

It can be seen from Equation (8) that the output
offset voltage is dependent on the negative supply

voltage. However, from the differential of Equa-
tion (8),
AVer = 016 AV- 9

It is evident that a ten-percent change in V-
would give an offset change of 65V with a gain of
1500. The sensitivity of offset to production varia-
tions of Vge in Equation (8) is in the order of 20 pV,
which is totally negligible.

The above analysis has assumed that alt resistors
are perfectly matched in ratio. In a practical micro-
circuit, some mismatches are to be expected. Table
4 shows the effect of a ten-percent change in indi-
vidual resistor values on the input offset voltage. It
can be seen that the maching of R, with R, is by
far the most significant, giving a 2.5 mV offset for a
ten-percent mismatch. However, matches of about
two percent, which would give a 0.5 mV offset, are
normally obtained in an integrated circuit. Therefore,
the mismatching normally seen does not cause si-
gnificant unbalance. Similarly, it can be shown that
the current-gain mismatches usually obtained do
not greatly affect ofiset, except in the input stage
where the offset current is determined by the cur-
rent-gain match.

Nominal Change in
Resistor Value Offset Voltage
(€2) V)

R, 500 + 24

Ry 500 —24

R4 3900 —0.24
Rs 3900 + 0.04
Re 1600 + 0.05
R, 68 —0.05
Rs 100 + 0.05

Table 4 - Change in Input-referred Offset Voitage
for a 10% Decrease in Individual
Resistor Values.




section 2 continued

Finally, the effect of temperature on the output
offset voltage (V,.) might be considered. From
Equations (7) and (8) it can be seen that the only
temperature-sensitive parameter is Vg, since resi-
stors hold their initial room-temperature ratios ex-
ceedingly well over a wide temperature range. Ho-
wever, it should be noted that this temperature sen-
sitivity is in the right direction to help compensate
for the temperature sensitivity of threshold voltage
in logic circuits. Since the temperature variations
of logic threshold voltage do not have a significant
effect on offset, this is not too important; but at least
the temperature sensitivity indicated by Equation (8)
improves rather than degrades the performance of
the comparator.

2.8 SUMMARY OF 1A710 PERFORMANCE

2.8.1 Tabulated Performance

Typical performance figures for the pA710 are
shown in Table 5. For more details of maximum and
minimum tolerances and environmental operating
ranges, etc., the appropriate data sheets should be
consulted.

In general the pA710C may be used in the circuits
described in this Handbook unless it is specifically
stated otherwise. Due regard must be made, how-
ever, to any closer environmental limits which may
be implied. Performance with regard to recovery
times and drift will be appropriate to that particular
data sheet.

Typical Conditions; Ta = 25°C, V¥ =12V, V- = —6V
Input Offset Voltage 0.6 mv
Input Offset Current 0.75 pA
Input Bias Current 13 pA
Temperature Coefficient of Input Offset Voltage 3.5 pVvreC
Input Voltage Range =5V
Differential Input Voltage Range 5V
Response Time for 5 mV Overdrive 40 ns
Voltage Gain 1700
Output Resistance 200 )
Positive Output Level + 3.2V
Negative Output Level — 05V
Power Consumption 90 mW

Table 5 - Typical Performance of the pA710

2.8.2 Specification of Operation

The function of comparator, as has been stated, is
to produce one digital state at its output when the
input signal is above a reference voltage and the
opposite digital stage when the input is below the
reference. The questions to be answered by a set of
specifications, in addition to the usual ones of sup-
ply voltage, power dissipation and absolute maxi-
mum ratings are:

(a) The accuracy with which the comparator can
distinguish between an input signal and the referen-
ce signal.
(b) How rapidly the comparator can make the above
distinction and what influence the speed of a decision
has on accuracy.
(c) The alteration of speed and accuracy caused by
different loads being present at the output terminal
which the comparator must drive.

The first question can be answered by defining an
input offset voltage as the voltage between the
comparator input terminals when the output is just at

4

the threshold voltage of the logic (or as the voltage
between the input terminals when the logic decision
is made at the output).

When the output is at the logic threshold voltage,
a very small change in input voltage will cause the
output of the logic circuit to swing from zero to a
one state. It is not necessary for the comparator
output itself to swing from the zero to one state as
this does not provide any additional logic output,
only more noise immunity. As a matter of fact, when
the offset is defined in this manner, the gain of the
logic circuit can be added to the gain of the com-
parator in determining overall gain accuracy. This
gives, for example, an equivalent gain of 50000
when the pA710 is operated with SGS DT L. This
combined gain is high enough, with practically all
logic circuits, that the voltage gain does not usually
need to be considered in determining D.C. accuracy
— the offset voltage alone is enough.

The effect of non zero source resistances on the
accuracy can be taken into account using the input
offset current, when the D.C. resistances seen by the
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two input terminals are equal, or the input bias
current, when the input resistances are very much
different. To prevent the necessity of using worst-
case values of offset voltage and offset current, the
offset voltage can also be specified for the case
where the resistances on each input are equal to
or less than a given amount. The use of input re-
sistance to determine loading is not valid with a
comparator. The input impedance varies rapidly as
the differential input voliage goes through zero and
is in excess of a megohm for input voltages greater
than two-hundred millivolts.

The second question is a little more difficult. The
response time could be defined in many ways. A
more or less worst-case situation would be where it
is used to accurately determine the amplitude of a
large pulse. For example, the situation where a D.C.
reference signal (say 0.1V) is applied to one com-
parator input and a step function is applied to the
other can be considered.

Before the step function is applied, the compara-
tor is completely saturated in one direction (the
comparator will actually reach complete saturation
with less than 100 mV across the input terminal).
Some time after the step function arrives, the com-
parator output will reach the logic threshold volt-
age if the step height differs from the reference
voltage only by the offset voltage. However, this
length of time, in the absence of overshoot, would
supposedly be infinite (or at least difficult to de-
terming). Therefore, the response time must be mea-
sured ‘with some overdrive in order to have any real
meaning. That is, the input step amplitude must be
increased by some amount in excess of that requi-
red to just barely bring the output from saturation
to the logic threshold voltage. The response time
can then be defined as the interval between the
application of the input step and the time when the
output crosses the logic threshold voltage.

The error encountered in making the decision
within this period of time is then the amount of
overdrive required. For a small overdrive, these
parameters will represent a worst-case condition and
will be relatively independet of the actual step am-
plitude as long as it is in excess of 100 mV (smaller
step amplitudes will give faster response times since
the comparator will not be thoroughly saturated).

The third question, the influence of loading on
performance, can be settled by one of two methods:
by specifying a maximum output swing and output
impedance or, more simply, by specifying maxi-
mum fan-out into a known logic system which can be
used without affecting performance in other re-
spects.

These parameters do not, of course, completely
define the operation of a comparator under all con-
ditions. Others might be the input bias current and
input offset current. These will indicate the diffe-
rence between the effective and actual offset voltages
for non-zero source resistances. Knowiedge of the
open-loop unsaturated voltage gain will enable the
effect on offset voltage to be determined for a chan-
ge in logic threshold voltage.

42

2.8.3 Description of Performance

The transfer function of the comparator is illu-
strated in Fig. 2.50. It can be shown that the output
voltage swing is compatible with almost all inte-
grated logic forms and that the gain is high enough
so that changes in the logic threshold voliage affect
accuracy only slightly. The insentivity to temperature
over the full Military range is also evident.

Fig. 2.51 and 2.52 give the voltage gain as a func-
tion of ambient ternperature and supply voltages. The
voltage gain increases with the supply voltage whilst
decreasing with temperature. Since the current gain
of a transistor increases with increase in tempera-
ture, lower input bias and offset current are obtained
as shown in Fig. 2.563 and 2.54.
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The fast response of the pA710 is shown in Fig.
2,55 and 2.56. In Fig. 2.55 the comparator is ope-
rated with a 0.1V reference and a positive input step
of approximately 0.1 V; the response with 2 mV, 5 mV,
10 mV and 20mV overdrives is given. In Fig. 2.56
a 0.1V reference and a negative step are used to
show the response for positive output.

The curve in Fig. 2.57 shows the frequency re-
sponse of the comparator operating in the lineai
region. It is evident that the response time is
substantially faster than would be indicated by a
first glance at the bandwidth. This happens because
the gain at high frequency is still quite large, even
though the 3 dB bandwidth is only 4.5 MHz.

The D.C. common-mode rejection of the pA710 is
typically 90 dB. What is of much more significance is
the common-mode rejection at high frequencies. Fig.

2.58 shows pulse test and its result which demon-
strates that the comparator is affected in a negiigi-
ble way by a fast common-mode signal even in the
centre of its active region.

The low offset and drift as shown in Table 5 is
proof of the inherent balance of the device. Although
the performance is given for only one set of supply
voltages, operation is not restricled to these volt-
ages alone. From Equations (1) to (8) (Section 2.7.2)
it can be shown that the circuit balance is not
seriously affected by the supply voltages. Therefo-
re, satisfactory operation is possible down to about
+ 10V and — 4 V. The lower voltage operation will,
however, decrease the gain and reduce the positive
output level.
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2.8.4 Logic Compatibility

Specification of logic compatibility can be approa-
ched by ensuring that the comparator can drive
the logic into full saturation under worst-case con-
ditions. After this is done, it is only necessary to
take into account the difference between the thre-
shold voltage of the logic used and the logic thre-
shold specified for the comparator to determine the
influence on offset voltage. The effect of differing
logic threshold voltages on offset is less than a
millivolt with most standard logic circuits so even
this can be neglected in the majority of applications.

In generai, performance is guaranteed by spaci-
fication of positive and negative output levels, with
and without load, which are compatible with the
logic used. The following information is useful in
establishing the limitations of the comparator, the
circuitry to be used, and the operating conditions
under which the comparator is to be specified.

When operated with standard resistor-transistor
logic (§GS RT L integrated circuits), the compara-
tor is roughly equivalent to a buffer element and
can drive a large fan-out. However, since the com-
parator operates from a higher supply voltage than
a buffer, the internal dissipation with a one-level
output can become excessive. In addition, the large
output current available from the comparator can
overdrive the logic and cause excessive storage.
For these reasons, it is advisable to insert a resistor
in series with the output of the comparator to
limit the current. Recommended values with the
pA710 are 15k for a fan-out of one, 5100 for
a fan-out of two and 270 Q for a fan-out of three. A
small (100 pF) capacitor can be connected in paralle!
with this resistor to increase the speed of the logic.

Essentially the same rules apply for low-power re-
sistor-transistor logic (SGS MW L). Recommended
values of series resistance are 4.7 k() for a fan-out
of one, 2.2 kQ) for a fan-out of two, and 1.3 kQ) for
a fan-out of three. Again, a small capacitor can be
added across the resistor for increased speed.

The limiting factor when operating with diode-
transistor logic (SGS DT L) is the ability of the
comparator to supply the required sink current. The
RA710 can drive a DT L fan-out of one, but an exter-
nal 3.6 k) resistor must be added between the output
and the — 6V supply for a fan-out of two, and a
2.2 kQ) resistor must be used for a fan-out of three.

With transistor-transistor logic (SGS TT L) the
same rules regarding sink current used with DT L
must be followed. The high-level, reverse current
encountered with TT L can be disregarded because
the pA710 is able to supply considerable current in
this direction and because the permissible fan-out
is low, being restricted by the available sink current.

The pA710 can be used to drive complementary-
transistor logic (SGS CT L) directly. The fan-out,

however, is limited to one, or perhaps two, by the
ability of the comparator to supply the required
current at the output high level.

29 DESCRIPTION OF pA711
CIRCUIT OPERATION

2.9.1 Introduction

The pA711 is a dual differential voltage compa-
rator constructed on a 0.025 mm? silicon chip;
it is designed according to philosophies outlined in
Section 2.1. The device features fast response ti-
mes, low power consumption and compatibility with
practically all integrated logic forms. It is intended
primarily for core-memory sense applications.

Using the dual comparator, the sense amplifier
threshold is determined by external resistors and
is practically independent of integrated circuit cha-
racteristics. Excellent threshold stability over the
full Military temperature range is inherent in the
design. Although operating at low power levels, the
device is fast enough to work with 0.5 mm. cores.
Independet strobing of each comparator channel
is provided, and pulse-stretching on the output is
easily accomplished. Up 1o eight sense amplifiers
can be OR' ed directly. Finally, the output and stro-
bing are compatible with practically all integrated
logic forms.

2.9.2 Device Description

Basically, the function of a comparator is to com-
pare a signal voltage with a reference voliage and
produce a digital one or zero at the output when
one is higher than the other. The dual comparator
described is two independet basic units with the
outputs OR’ed. A strobe is provided on each side.

The operation of the comparator can be explained
using the simplified circuit of a single side shown in
Fig. 2.59. Since the comparator is expected to detect
when the voltage on the two input terminals is equal,
a differential input stage (TR, and TR;) is used so
that the emitter-base voltages cancel when the input
is zero. The emitters of the input stage are supplied
from a current source (TR;;) to make their collector
current insensitive to the common-mode input volt-
age. A balanced second stage is also used: TR, is
the actual second stage amplifier while TR; pro-
vides balanced biasing for TRs;. The second stage
can be understood by considering that TR; and TR,
are identical transistors. Their bases are fed from a
common voltage point through identical resistors
(R, and R,). When the input stage collector currents
are equal, the collector currents of TR; and TR, will
be equal, so the second stage is balanced. TR; also
functions as a unity-gain amplifier which inverts
the output of TR, and combines it with the output of
TR, at the base of TR,. A single-ended output is
obtained at the collector of TR, One feature of the
second stage is that under balanced conditions
the single-ended output is insensitive to changes in
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positive supply valtage. If the positive supply voltage
is increased, the collector currents of both TR; and
TR, will increase such that the voltage on the col-
lector of TR, remains constant.

An emitter-follower is used at the output of TR, to
give high output current capability. A Zener diode (D,)
in the emitters of the second stage transistors pro-
vides a large input voltage range (the positive input
voltage limit is essentially equal to the voltage on
the base of the second stage transistors). An iden-
tical Zener diode in the output emitter-follower (Ds)
level shifts the output back to a level compatible with
logic circuits. TR, isolates the output from the diode-
compensated bias divider for the input stage current
source. Using the diode-connected transistor, TRy,
to compensate for the emitter-base voltage of TRy,
permits the current source to operate with a small
voltage drop across its emitter resistor, R,. This
gives an increased negative common-mode limit.

As can be seen from the complete circuit in
Fig. 2.61 there is an additional transistor, TRs. The
purpose of this transistor is to reduce the base drive
on TR, when it saturates. This action not only gives
a lower power dissipation but also reduces the sto-
rage time of TR,
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Fig. 2.61 - Complete Circuit of the pA711 Dual Comparator
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When the comparator is operating in the active
region, the collector current of TR, produces a volt-
age drop across R. which keeps TR; in a non-
conducting state. Hence, TR; does not influence
operation in the active region. With a large nega-
tive input, TR, is turned off and no longer produces
this hold-off voltage across R, so TRs; conducts.
TRs can conduct the entire current through R, with
only a small voltage drop across R, and K,. Resistor
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R, has a large voltage drop across it since the
collector current of TR,, which is nearly the entire
collector current of TR,,, is flowing through it. This
voltage drop across R; cuts off TR;. This state of
operation, with TRs conducting and TR, cut off, is
illustrated in the simplified circuit of Fig. 2.60. Re-
sistor R, is eliminated since the voltage drop across
it is small enough to be neglected.

If it is assumed that TR; and TR; in Fig. 2.60 are
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identical transistors, their collector currents will be
equal since they are operating with the same emit-
ter-base voltage. The collector current of TR; is
determined by R, and the voltage drop across it.
The collector-to-emitter voltage of TRs; will be two
emitter-base voltage drops (TRs and TR,) plus the
voltage drop across R,, which is smalil. The collector-
to-emitter voltage of TR, will be equal to that of TRs
since their collector currents are equal and R; is
equal to R,. However, it is desired that TR, should
saturate in order to get the proper negative output
level. This can be accomplished by making the
emitter junction of TRs smaller than that of TR,, so
that TR, will conduct more current than TRs with the
same emitter-base voltage (this is easily accompli-
shed in a monolithic integrated circuit). With the
proper ratio of device geometries, TR, can be made
to go just barely into saturation, giving a minimum
storage time.

With the dual comparator in Fig. 2.61, the indivi-
dual comparators are OR’ed at the emitters of the
output emitter-followers. Only a single level shifting
Zener diode and bias divider are used. Zener diodes
on the bases of the output emitter-followers provide
independent strobing on each channel: when the
strobe on one side is held down to ground level,
the output of that side cannot rise. The strobe ter-
minal can also be used to clamp the positive output
swing since the output voltage will always be at least
one diode drop less than the voltage on the strobe
terminal.

48

1700 —
vVt =12V |
V- =—86V
1600 \\
2
z N
¢ 1500
w N
O]
=
H 1400
o
>
1300
N
1200
—60 —20 20 860 100 140
AMBIENT TEMPERATURE - °C
Fig. 2.63 - Voltage Gain as a Function
of Ambient Temperature

2,10 SUMMARY OF _1A711 PERFORMANCE

2.10.1 Performance Description

The overall performance of the uA711 is shown in
Table 6.

Generally, the pA711C may be used in the circuits
described in this handbook unless otherwise speci-
fied. Particular care must be taken, however, to
observe any close environmental limits which may
be implied. For performance concerning the offset
and drift, please refer to the relevant data sheet.

The transfer function of the comparator at various
operating temperatures is illustrated in Fig. 2.62.
This proves that the performance is not greatly ef-
fected by temperature. The fact that gain increases
at low temperatures and decreases at high tempera-
tures (Fig. 2.63) indicates that the circuit is depend-
ent on the highly predictable transconductance of
the transistors rather than current gain. It is also
worthwhile to note that the comparator is not des-
igned to have zero output for zero input as is an
operational amplifier. Instead, it has an output offset
voltage equal to the threshold voltage of common
integrated logic circuits. This output offset voltage
also has approximately the same temperature coef-
ficient as the threshold of the logic. The fact that
the output offset voltage of the comparator matches
the logic allows a lower gain with no loss in overall
accuracy and permits the gain of the iogic circuit
to be added to the gain of the comparator in de-
termining overall resolution (this gives an equivalent
gain of 50000 with SGS DT L). This is important
since additional gain stages would not only compli-
cate the comparator but also would make it slower.
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Conditions: T, = 25°C, Vt =12V, V- = —6V
Input Offset Voltage 1mv
Input Offset Current 0.5 pA
Input Bias Current 25 A
Temperature Coefficient of Input
Offset Voltage 5uv/eC
Input Voltage Range =5V
Voltage Gain 1500
Response Time 40 ns
Strobe Release Time 12ns
Output Resistance 200 Q)
Positive Qutput Level + 45V
Negative Output Level — 05V
Power Consumption 130 mW
Table 6 - Typical Performance of the uA711
Comparator

The voltage gain is also a function of power supply
as shown in Fig. 2.64.
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Fig. 2.64 - Voltage Gain as a Function of Supply Voltages

The response time is shown in Fig. 2.65. The
input step amplitude is 100 mV and overdrives of
2mV, 5mV, 10mV and 20 mV are shown. The re-
sponse times are 65 ns, 40 ns, 28 ns, and 20 ns
respectively for these overdrives. For smaller input
steps, the response time will be somewhat faster
for the same overdrive since the internal circuitry
of the comparator will not be completely saturated
before the pulse is applied. Larger input steps do
not materially affect response time since the com-
parator does not go any deeper into saturation with
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input voltages larger than 100 mV. Measurement of
response time in the manner stated above permits
a determination of how much input-referred error is
encountered when the comparison is made in a
short time interval.

The speed of the strobe circuitry is indicated in
Fig. 2.66. The strobe release time is the time required
for the output to rise to the logic threshold voltage
after the strobe terminal has been driven from the
zero to the one logic level. The strobe release time
is shown for various input conditions in the figure.
The OmV curve is for an input condition which
would put the output at the logic threshold voltage
under D.C. conditions. The curve below that is for
1mV less input voltage and gives an indication of
the feedthrough of the strobe pulse when the com-
parator is barely turned off (it is necessary to wire
the comparator into the circuit minimising the stray
capacitance between the strobe terminal and the
inputs in order to keep this feed-through small). The
2mV and 5mV curves represent actual operating
conditions and give strobe release times of 14 ns
and 10 ns respectively. In these curves, the output
does not rise to the maximum output level because
of the clamping action of the strobe circuitry when a
low amplitude strobe pulse is used. The test condi-
tions shown are representative of the case where the
comparator is used with SGS RT L.

Frequently in the design of a sense amplifier where
time strobing is used, it becomes necessary to
stretch the strobed output pulse of the sense am-
plifier in order to make it wide enough to be tran-
smitted over a reasonable line length and trigger the
storage circuits. The most straightforward way of
accomplishing this is to use a one-shot multivibrator,
However, the accuracy requirements for the stret-
ched puise do not warrant going to the complexity
of a one-shot. Much simpler methods can be used.
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Figure 2.67 shows a possible alternative. Loading
the comparator with a capacitor on the output will
stretch the output pulse. This occurs because the
output emitter-follower can charge the load capa-
citance rapidly, but the output current sink gives a
limited rate of discharge. Normally, the strobe width
is enough to trigger the logic circuits, and the only
fear is that the pulse will be degraded by cable ca-
pacitance. However, with the pA711, the capacitan-
ces encountered in transmission make the output
pulse longer rather than shorter so no discrete ca-
pacitor need be used. In the test circuit for Fig. 2.67,
an external resistor is connected between the output
and the negative supply to give the pA711 a fan-out
of one with DT L. This gives considerably less
pulse stretching than would be seen with the pA711
alone. It is worthwhile to point out here that the
response time and the strobe release time for nega-
tive-going outputs were not described previously
because they are limited by this pulse stretching
characteristic. The negative-going response time up
to the base of the output emitter-follower is faster
than the positive-going response time because the
storage time of the second stage amplifier is not
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Fig. 2.67 - Output Pulse Stretching With Capacitive Loading
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involved. Similarly, the strobe pull-down time is
shorter than the release time on the base of the
output emitter-follower since a negative-going strobe
pulse into the Zener diode will forcibly pull down
that point. Therefore, the negative-going response
times are limited more by the characteristics of the
load than by those of the circuit.

The D.C. common-mode rejection of the pA711 is
typically 85 dB. This is considerably more than can
be used in a practical high-speed circuit so it is of
little interest. What is of much more significance is
the common-mode rejection at high frequencies. If
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this is expressed in terms commonly used in con-
nection with differential amplifiers, it is difficult to
interpret for a comparator. However, Fig. 2.68 shows
a pulse test and its result which demonstrates that
the comparator is affected liitle by fast common-
mode signals even in the centre of its active region.
That is, the error encountered due to any reason-
able high-frequency, common-mode signals present
during comparison is small with respect to the offset
voltage and speed resolution. At any time othe
than when the comparison is being made, common-
mode signals can be completely neglected.
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2.10.2 Logic Compatibility

The output of the pA711 is designed to be com-
patible with all integrated logic forms. However,
because of the substantial differences in the many
kinds of logic, it is obvious that the same loading
rules used for all these logic families cannot be
directly applied to the comparator. Some compro-
mises must be made. In what follows, some of these
considerations are discussed.

The output of the dual comparator is designed
such that a number of them can be wire OR’ed as is
often required in memories. Up to eight devices
can be OR’ed, yet the output levels wilt still be
compatible with SGS RT L, DT L and TT L for a
fan-out of two.

In order to make possible this OR’ing capability
and hold the device dissipation to levels satisfactory
for operation over the full Military temperature ran-
ge, it was necessary to reduce the sink current of

the comparator. As a result, at least four devices .

must be OR’ed before they can provide enough sink
current for a DT L fan-out of one. If a single com-
parator is used to drive a DT L circuit, a 5.6 kQ2
resistor must be inserted between the output termi-
nal and the — 6V supply for a worst-case fan-out
of one. For a fan-out of two, a 2.4 k() resistor must
be used. With standard RT L, a single pA711 can
handle a fan-out greater than eight. However, even
with a fan-out of one, the comparator should not be
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operated continuously in the positive output state
because of excessive power dissipation from the
resulting large output current. In the sense amplifier
application, this is not a problem because of the
low duty-cycle of the positive output condition. Ho-
wever, this excessive output current does increase
the storage time of the logic. This can be
prevented by inserting a resistor in series with the
comparator output. Maximum values for this resistor
would be 3.9k} for a worst-case fan-out of one,
1.8 kQ) for a fan-out of two, and 820 () for a fan-out
of three. A small capacitor can be put across this
limiting resistor to increase the speed of the logic.
if a number of comparators are wire OR’ed this
limiting resistor should be reduced somewhat to
compensate for the lower positive output level of
the comparator.

The current normally required by the pA711 to
strobe down one of the outputs is 1.2 mA. However,
if the comparator is in a non-disturbed state, no
current is required from the strobe-driving logic
since the second stage of the comparator is supply-
ing the current. When a number of comparators are
strobed on a common .line, only one side of one
comparator is likely to be disturbed at any one
time. Therefore, it is not necessary that the strobe
logic circuitry be able to sink the worst-case cur-
rent for all the comparators it is driving. As a matter

‘of fact, it is only required that the strobe circuitry

be able to sink the worst-case current for one side
of one of the comparators.



3. LINEAR INTEGRATED
CIRCUIT APPLICATIONS

3.1 1A702A BASIC AMPLIFIER CIRCUITS

3.1.1 Inverting Amplifier (Single-Ended)

With the circuit connected as in Fig. 3.1 the
pA702A may be used as a simple single-ended invert-
ing amplifier with a fixed gain dependent on the
values of R, and R,.

Assuming an open-loop gain approaching infinity
for the amplifier then pin (2) may be considered to
be a «virtual earth » since the « non-inverting » input
pin (3) is at earth potential.

An expression for the gain with feedback is given
by:

Vin _Vout

R] R2

(negative sign due to 180° phase shift inside am-
plifier)

vuol
A; = =

Fig. 3.1 - Inverting Amplifier (Single Ended)

Note (a). R; is an optional resistor used to minimise
offset voltage and thermal drift. The optimum value
is obtained from the expression:

RiR.

Rg =
Ri+R.

Note (b). Ry and C, are frequency compensating
components used to ensure stability of the amplifier.
Reference should be made to Section 5 on Frequen-
cy Compensation.
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Values for a practical amplifier might be:

R, = 2kQ R. = 220 k)
R, = 20 kQ C, = 910 pF
Rs = 1.8 kQ A; = (—) 10

3.1.2 Non-Inverting Amplifier
(Single-Ended)

Fig. 3.2 shows the connections for a non-inverting
amplifier.

Fig. 3.2 - Non-Inverting Amplifier (Single Ended)

As before, assuming an infinite open-loop gain,
then pin (3) and pin (2) always remain at the same
potential. An expression for the gain is given by:

Vou! R1+R2
Ar = =— (1)
vin Rl
R.
and if Ry;»R, then A= —
R

Note (a). R; is an optional resistor used to minimise
ofiset voltage. See Note (a) of inverting amplifier
circuit.

Note (b). R, and C, are frequency compensating
components. Reference should be made to section
5 for optimum values.

Values for a practical amplifier might be:

R, = 1kQ Rs = 1kQ
R; = 51 kQ C, = 220 pF
Rs =910 Q A =~ 50
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3.1.3 Differential Input Amplifier
(Single-Ended)

With the circuit shown in Fig. 3.3 the uA702A may
be used as a differential input, single-ended output
amplifier.

Fig. 3.3 - Differential Input Amplifier (Single Ended)

Assuming infinite open-loop gain and infinite input
impedance, then pins (2) and (3) will be at the same
common-mode input voltage Vi.

An expression for the gain may be obtained as
follows:

The
in the
(2) or

current in the upper loop are equal and aiso
lower loop (since no current flows into pins
(3), i.e. i] = i2 and i3 = i4)~

Ri+R;

Ro
- Vin(l)
R, Ry

Vout = VR :

But

Note (a). If R;
R2 =

Rs
Rs

Equation (3) simplifies to:

R,
Vou = (Vin(2)— Viny) —
1
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Note (b). The common-mode rejection ratio (CMRR)
of this amplifier, (S) is also a function of resistance
tolerance. Therefore:

1 1 1
—_— =4 —

S H S,

where S, is the CMRR of the yA702A and H is the
rejection factor of the external resistance bridge and
is given by:

Ri+R, 2
H= :

Ri (R—Rs)  (R:—Rs)

Rs R,

Note (c). C;, R, are for frequency compensation.
Values for a practical amplifier might be:

R, = 100 kQ2 C, = 220 pF
R; = 100 k2 A =50
R4 = 1 kQ

Resistor tolerances should be 0.5%.

3.1.4 High Input Impedance D.C.
Amplifier

The circuit shown in Fig. 3.4 may be used when a
high input impedance D.C. amplifier is required.



section 3 continued

R3
|
l
R5

470 KQ

TR, = TR, = BFY 81
—6V

G

Fig. 3.4 - High Input Impedance D.C. Amplifier

TR, | wA702A —O
VOU(
p—
Rb
470 KQ

The useful common-mode operating range would
be from between approximately —4V to 0V with
this configuration.

The expression for gain is given by:
VOU!

Af = =
Vin

R,

R

TR: and TR, (BFY81) is a dual transistor device
having high gain at low current and closely matched
Vee and Vge/°C characteristics.

Note (a). R, and C, are used for frequency compen-
sation and their optimum value will depend on the
amplifier gain. (See Section 5).

Note (b). With the common collectors of the BFY81
returned to earth, it is not necessary to provide
protection against a latch-up condition since, before
the input exceeds a maximum permissible positive
value, the base-collector junction will become for-
ward biased.

Note (c). If it is required to operate about earth
potential, the common collectors may be returned to
the positive line but the remarks in Note (b) will not
be applicable.

Note {(d). For minimum output offset

R R,

R3 =
Ri+R,

Note (e). RV, provides a method for compensating
for the input offset voltage (see 3.1.7).
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3.1.5 High Input Impedance A.C. Amplifier

In order to provide a high input impedance am-
plifier, the circuit of Fig. 3.5 may be used. This
employs a « bootstrap » configuration giving positive
feedback from the output to the non-inverting input
pin (3).

The approximate expression for the input imped-
ance is:

Avw
Rin = - Ra where A, = Open-loop voltage gain
A¢
A; = Gain with feedback
Rx = Input impedance
into pin (3)
With typical values of A, = 2000
Ry = 10 kQ)
If Af = 10 then Rin = 2 MQ
Ri+R;
A; is given by expression A;=
R

Note (a). R, and C, provide frequency stability. Refe-
rence should be made to Section 5 for optimum
values.

Note (b). Rs provides thermal stability and is given
by R3+R1"‘"R2.
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A practical amplifier might have the following
values:

3.1.6 Low-Noise, High Input Impedance
Amplifier
Fig. 3.6 shows a circuit suitable for a low-noise

Gy =1pF . R, = 10 k) preamplifier for use as a low-level audio or instru-
C, =1pF R, = 91 kQ mentation transducer amplifier. A matched pair of
C; = 910 pF R; = 82k low-noise transistors is used as a differential input
A; =10 R, =220Q) stage to provide good common-mode rejection and
R2
1
I
2
c, PA7TO2A 7 >—e—O0V,_,
l P g
v, — 3
Ry J: C,
p R4
l;‘in
Rl Sh— 04
J‘ L]

Fig. 3.5 - High Input Impedance A.C. Amplifier

—6V

20 KQ 20 KQ

TR,

2%

TR,

500 2 500

56 KQ

+ 12V

TR, & TR, = BFX 36

Fig. 3.6 - Low Noise, High Input Imbedance Amplifier

55




section 3 continued

high input impedance. Overall feedback is not em-
ployed but a reasonably constant gain of 100 is
obtained.

A particular advantage of this input configuration
is an increased common-mode operating range in
the positive direction compared with that of the
pA702A alone. Good rejection of unwanted induced
noise in the input leads is also provided.

Note: C, and R, are for frequency stabilization.

3.1.7 Voltage-Follower

The restricted positive-going, common-mode oper-
ating range of the uA702A limits the allowable peak-
to-peak input swing when the amplifier is used in a
unity gain non-inverting configuration. Fig. 3.7 shows
a circuit where this resiriction is overcome by
« bootstrapping » the earth point pin (1) directly to
the output. This prevents either input terminals of
the amplifier from becoming significantly positive
with respect to pin (1).

D, = BAY 71

Fig. 3.7 - Voltage Follower

1
HA702A

7

—86V

R, is an optional resistor which extends the pos-
sible peak negative output swing where the ampli-
fier is heavily loaded.

Using supplies of +12V and — 6V will enable a
4-3V signal to be handled.

Note (a). C4 and R4 provide frequency compensation
Note (b). D, protects the input from latch-up.

3.1.8 Amplifiers with Frequency Compensation

For detailed examination of the criteria for the
design of frequency compensation, reference should
be made to the appropriate Section 5. Fig. 3.8 (a) and
(b) depict two of the most useful basic circuit con-
figurations.

Using the design equation for the circuit of Fig. 3.8
(a):

R
R4=20[1+—JQ ..... (1)
Ra
Power supplies at
+12V and — 6V
0.01
C,= wF 2)
R
1+—
R,
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This will give maximum bandwidth with adequate
stability margin for most applications.

Note that decreasing the value of R, and increas-
ing C, improves the stability margin further, but
reduces the bandwidth of the amplifier. This com-
pensation technique does not allow the full peak-to-
peak output swing of the amplifier to be used. When
this is important, then the type of circuit in Fig. 3.8
(b) should be used.

Here the compensation is placed across the input
terminals and the optimum values are given by:

R5 = 5R] QL (3)
Power supplies at
+12V and —6V
0.04
Cs=——pF L (4)
R

where R, is in Kilohms.

Note (a). Special techniques using pin 5 are de-
scribed in Section 5 (Frequency Compensation).
Note (b). In general, circuits employing the pA702A,
where the open-loop gain is > 2000 and there is
more than approximately 20dB of feedback, will
require some form of frequency compensation to
ensure unconditional stability.
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3.1.9 Amplifiers with Offset Voltage Balancing

The steady-state voltage present at the output of
the pA702A when used as a simple amplifier will not,
in general, be exactly zero for the condition of no
input D.C. signal. The reasons for this are:

(a) Mismatch of the electrical characteristics within
the amplifier, predominantly due to the difference in
Vee and hge of the input stage differential pair and
also the mismatch of their associated collector
resistors.

(b) Finite input current flowing through the series
resistors in the input leads.

Since the magnitude of this output offset voltage
will also be dependent upon the loop gain of the
circuit, it is convenient to refer its value back to
the input and define it as follows:

Input offset voltage is that voltage which must be
applied between the input terminals to obtain zero
output voltage.

To obtain the total value of the offset voltage, it is
necessary to take into account the voltage due to
the product of input terminal current times the
input series resistance. Since the pA702A has a dif-
ferential input, it is generally possible to arrange
that the impedance from the inverting and non-in-
verting pins to ground is approximately equal, thus
the effect of the input bias current through the input
resistors is self-cancelling.

The difference between the input currents is de-
fined as the input offset current. It is clearly the
value of this multiplied by the input resistance which
will contribute to the total input voltage offset.

For D.C. - coupled amplifiers, it is often desirable
to be able to cancel out the input offset by means of
some independent circuit so that, for example, there
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is a zero output when a bridge transducer at the
input is in a balanced condition.

Less obviousiy, for an amplifier having A.C. cou-
pling at the output and especially if it has high
gain input source resistance, then the undistorted
peak-to peak output swing may be seriously restric-
ted if the steady state output voltage is already ap-
preciably unbalanced.

The best type of circuit chosen to balance the in-

put offset voltage depends generally on the signal
source impedance. For low impedances, i.e., below
2 kQ) then the circuits shown in Fig. 3.9 (a) and (b)
are suitable. For a high impedance source acting
as a current generator, then Fig. 3.9 (c) would be
better.
Note (1). To obtain reasonable control for worst-case
conditions then, for the circuit of Fig. 3.9 (a) the
potentiometer chain and R, should be so chosen
such that:

Rs>R,

and if the maximum current that can be delivered
via Ry is I, Ri=10 mV.

Note (2). For circuit Fig. 3.9 (b)

R4 " V_
RVi»R, and — =~ 10 mV

Rs
Note (3). For circuit Fig. 3.9 (c)
Ra
(RV1+R]) min=~—
2

(va + R]) maszRz
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+12V

BA702A 7 ——OV
6

Where R, <K 47 KQ

Fig. 3.9 (a) - Offset Voltage Balancing

R,
100 KQ
R]
V'm 07 I 2
1 KQ
UA702A 7 OV,
RV,
6
3
Rs 20 KQ
—svo——  }+——— c
620 K2 R,
1 KQ R
Where RV, KR,
Fig. 3.9 (b) - Offset Voltage Balancing
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3.1.10 High Output-Current Amplifier

in some cases the output characteristics of the
A702A may not be adequate (A buffer stage can be
used to boost the current output capability and
reduce the output impedance at the same time).

Fig. 3.10 shows the amplifier circuit diagram using
a pA702A followed by a common-collector comple-
mentary symmetry stage able to deliver an output
current of 50 mA into a 100} load.

In this circuit the uA702A and transistors TR; and
TR, are protected against a permanent short-circuit
of the output by use of resistors Rs and R, and
current-limiting resistors R, and R, respectively.
Moreover, resistors Rs, R, R; and Rg are chosen to
allow an output swing of £5V.

A voltage supply of =12V is used for the amplifier,
which has a closed-loop gain of 50, the voltage
supply of —6 V for the nA702A is obtained by means
of Zener diode Z,.

Note (1). C, and R, provide frequency compensation.

Fig. 3.9 (c) - Offset Voltage Balancing (Current Source)

Input

2K

—12

Fig. 3.10 - High Output Current Amplifier

TR,
FY 56

—O Output

Note (2). D, prevents input latch-up. (See Section
2.4.2)

Note (3). Potentiometer P, is used to set the offset
to zero.
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3.1.11 Low-Pass Amplifier

Fig. 3.11 shows the circuit for a low-pass amplifier.
The D.C. gain of this circuit is given by:

—R,
Apc =

R
The 3 dB attenuation frequency is given by:

1
f =
21'CRQCQ

Since the relationship between the input and out-
put is:

Note (1). C, provides frequency stabilization (see
Section 5).

C,
Also C;>»— (see Section 2.4.2).
10

Note (2). G, eliminates the effect of input capacitance
at pin (3).

Note (3). R; minimises the output offset voltage. Re-
ference should be made to appropriate Section.

Note (4). Diode D, protects against possible input
latch-up (see Section 2.4.2).

Values for a typical circuit might be:

V, = _\/in_R_2 - Ry = 50 kQ Ci = 0.1pF
R, 1+R,C,S R, = 50 k) C,=1yuF
(where S is the operator e.g., jw). R; = 25 kQ) C; = 0.1 puF
CZ
i ||
[ ] |
RZ
— +——
Rl
Vi, O— 1 2
HA702A 7 —O0 Vv,
Y . L& j
Ry -|—Cs I C,
el D, = BAY 73
Fig. 3.11 - Low - Pass Amplifier

3.1.12 Band-Pass Amplifier

Fig. 3.12 shows the circuit for a simple selective
amplifier using only one pA702A and a twin-T filter.

The ideal characteristics for the filter are such that
where R, is the output load resistance and R;, the
source resistance then at a frequency f, the atte-
nuation is infinite and phase shift zero.

For optimum selectivity coupled with minimum
phase shift in the region of f,, then the values of the
filter components are chosen such that:
kI = 4 k k = 05 R2 = 2R0Rin
Ro

and the ratio should be as large as possible

er\
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consistent with the remainder of the external circui-
try.

The mid-point of the frequency response curve is
given by:

1

2nRC
At f, the overall gain is given by:
Ra
Az_—
R,
Also the Q of the selective amplifier is defined as

Ag+1
Qz

4
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Fig. 3.12 - Band - Pass Amplifier

where Aq is the gain of the loop into which the filter
is inserted.

R,
Thus IA\Qz

R+ R
V2

Example of practical circuit:

Let R =9100 fo = 60 KHz
K'=2
k=05

From Equation (1) we have

1

C= 2930 pF

27Rf,

Choosing C = 3 000 pF which would give

f, = 57.8 KHz and R, = 10 k{) we have

RZ

Rinz :41Q

2R,
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The output impedance of the amplifier under closed-
loop conditions will be in this order of magnitude so
that chosing R, = 10 k() is reasonable.

If desired value for Q = 10 then:
Ag=24Q—1=239
R

4Q—1) (R, + —) = 415kQ)
V2

and R2 =

i.e., approximately 430 k(}.
If the overall gain is 100 then

Re
A

Typical bandwidth would be approximately 5.6 KHz
between the — 3 dB points. Maximum undistorted
output is 2V peak-to-peak.

Note (1). C4 and R, are frequency stabilizing com-
ponents and should have values of:

R4=439
Cs = 2200 pF

Note (2). R: should be approximately 4.3 k(2.

3.1.13 Band-Pass Active Filter

A very interesting application for integrated am-
plifiers is that of active filters using RC networks.

The limiting factor in filter design is often due to
the use of heavy and cumbersome inductors. These
may be replaced by suitable integrated amplifiers,
thus saving valuable space.

Fig. 3.13 (a) shows a 4th order Butterworth band-
pass filter having a relative band pass

W) — 0,
B = = 0.1

20,

It is obtained by connecting two circuits, in cas-
cade, each of which uses a pA702A integrated am-
plifier with a suitable RC network, and makes a
quadratic function.

The total transfer function is:

2BRCs
2BaRCs o
Foy = '
Y 1+2EqRCs +(aRC)2s? 2 RC?
1+ —RCs+——s?
o ¢4
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RC
where ¢ RC = 1.073 and —— = 0.932

a
2E =0142

Equation (1) is obtained through the conformal
frequency transformation of the low-pass prototype
transfer function.

The filter has been denormalized for a centre
frequency of 10 KHz and making:

c
e 20 000 pF

The filter using passive components at 0.5% has
a bandwidth of 2 KHz at 3dB and a centre atten-
uation (10 KHz) of 0.3 dB. Finally, Fig. 3.13 (b) and
(c) show the filter frequency response measured
experimentally.

Note: C, and R, provide frequency compensation.

C C C Cc
£ g 3 g
282 pF 7414 Q 20.000 pF 20.000 pF 8542 Q) 282|i 20.000 pF 20.000 pF
N 2Bc R, R, 28C out
«B B «Ré2| |60.25Q
10510 Q0 — 12108 O %R
23
1 Y —
+12v
HRAT02 A WA702A
4700 pF
10 K —BV 40 Q2 12KQ| [0 aimm — 5V 40Q
L]
' 0.2 pF R, 0.2 uF R
——
Fig. 3.13 (a) - Four Pole Butterworth Band~Pass Filter
0
2 Il \\
Z =20 -6
o [ |\ 3
5 =~
E [ 1\ -
=z —30 \ o —4
o £
= < -3
= < \
<. \ 2 _
40 z —2 /
\ E oy A\, /
N 2 N Z
- 0
501 2 5 10 20 50 9 10 11
FREQUENCY - KHz f- FREQUENCY - KHz
Fig. 3.13 (b) - Pass-Band Frequency Response At 10 KHz Fig. 3.13 (c) - Pass-Band Frequency Response at 10 KHz
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A practical amplifier might have the values:

R, = 51 k2 R,=0
R, = 100 kQ C, =47pfF
R, = 51 kQ Cs=0.1pF

This amplifier will have a voltage gain of approxi-
mately 3 and an input impedance > 5 MQ. The L.F.
3 dB attenuation points is 1 Hz.

Note. For maximum bandwidth, the values of R, and
C, may be optimised, see Frequency Compensation
Section 5.

3.2.4 Solar-Cell Amplifier

Fig. 3.17 represents a circuit developed as a servo-
amplifier in a system where light falling onto two
solar cells is detected and amplified so as to drive
a servo-positioning motor.

The polarity of the output depends on the relative
strentgh of illumination between the two cells.

The common-mode operating point is at approxi-
mately — 3V and the sensitivity 50 mV/pA. C, provi-
des a conservative frequency response characte-
ristic.

—6V

RZ
— 3
51 K2
¢ 2
\
RA702A 7 Vour
6
4 —13
R] R3 CA
51 K R,
51 K2

Fig. 3.17 - Solar Cell Amplifier

3.2.5 Tape-Head Video Amplifier

Fig. 3.18 shows a circuit with exceptionally large
bandwidth suitable as preamplifier for a video tape
pickup.

The extended bandwidth is obtained by lead com-
pensation between pins (5) and (6) using C; = 50 pF.
The voltage gain is given by the expression:

Ro+ 5,
Af: —':23

R,

Since there is approximately 40 dB of feedback,
it is necessary to provide additional frequency com-
pensation (see Section 5). To avoid unduly limiting
the output swing, this is best placed across the input
terminals and consists of C; and R,.

R, is the load resistance for the tape head. The
bandwidth which is in excess of 15 MHz makes the
amplifier sensitive to capacitance loading and this
should be kept to a minimum and not exceed 50 pF
without adjustment to the compensation networks
resulting in loss of bandwidth.

By making the feedback resistor R, = 11 k) the
gain can be increased to approx. 220. In this case
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the bandwidth is reduced to 7 MHz. The frequency
compensation network across the input terminals
should no longer be necessary (see Section 5.2.3).

326 Photo-Diode Ampiifier

Fig. 3.19 shows a circuit for a sensitive light level
detector using a photo-diode.
With the photo-diode non-conducting the inverting
input of the amplifier is returned to the positive
supply via R,. The negative output swing is limited
to < — 1V by the diode D, connected from pin (6),
the lag frequency compensation point, and earth.

When the intensity of light causes the photo-diode
current to exceed approximately 4 pA, the voltage
at pin (2) commences to go negative with respect
to that at pin (3).

The output voltage and positive feedback via Rs,
R, and R, to the base of TR, causes the output to
be driven into saturation at approximately 10V po-
sitive.

TR, and TR, is a dual, low-noise and matched high
gain (at low current) device, used in an emitter-
follower configuration to increase the input impe-
dance to the pA702A.
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RE
2200

920 pF epmem C;

R\
5002
R,
1KQ
—

Fig. 3.18 - Tape Head Video Amplifier

The hysteresis voltage is given by:

Re
Vh = (Voul(max) _Voul(min)) ---------
Rs+Rq
With the values shown:
2
Vh = (Vout(max) - Vout(min))
24220 :

and assuming that (Voumay — Vourmim) =11 V

2(11)
-'-Vh"" =01V
222

This gives a photo-diode hysteresls current (iym)

Vi 0.1

R, 3x107¢

id(h) = ~0.03 [J.A

Note (1). Should this circuit be used for driving
logic then Section 2.4.3 should be consulted.

+ 12V
R]
3IMQ
L]
s TR,
2
5 TR, BATO2A 7 V.,
1 \ 6
%
R, R, D, Rs
2 MQ 3amMQ 220 KQ
—6VO— L R,
— 1
—
B, = IN3734 3MQ ¥
\' Re
TR, & TR, = BFY81 I 2KQ

D, = BAY73

Fig. 3.19 - Photodiode Amplifier
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3.2.7 Half-Wave Redctifier

For conventional diode rectification or detection
circuits, the voltage drop across the PN junction
when conducting in the forward direction may give
rise to considerable errors (i.e., distortion, loss of
rectification efficiency, etc.), particularly in low-level
sighal applications. Fig. 3.20 shows a circuit which
effectively overcomes these disadvantageé in a half-
wave rectifier configuration.

For a positive input, the output is zero with an
output impedance of 10 k().

For a negative input, the output is given by
R,
Vin_

R

Voutz——

It can be seen that the forward voltage drop
across D; (typically 0.7 V) is effectively divided by
the open-loop gain of the nwA702A and is therefore
less than 1 mV.

By a suitable choice of values for R, and R;, the
circuit will, in addition, provide amplification.

Note (1). C; and R, provide frequency compensation.
Note (2). D, protects against possible latch-up and
excessive positive input transients.

Fig. 3.20 - Half-wave Rectifier

3.2.8 Peak Detector

The half-wave rectifier circuit of Fig. 3.20 may be
modified to act as a peak voltage detector by the
addition of C,, see Fig. 3.21.

The output is zero for positive input and V,, at-
tains the peak positive voltage equivalent to the
peak negative input signal.

The method of operation is that as V;, goes ne-
gative the voltage at pin (7) goes positive (amplified
by the open-loop gain) charging C,; via R, and D,
until equilibrium is reached:

Voul _RS

Le., —— =

Vin

Ri

The decay time for this output voltage is obtained
from the time-constant:

RsR.

C] °
Rs+R.

where R, is the load resistance.
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The response time of the circuit may be approxi-
mately estimated by considering the charge path
of C;. This consists of R,+Rs+ Ry where

R, = Open-loop output impedance of amplifier

(=200 Q)
Ry = Forward impedance of D; (=50 £)
R, = Output current limiting resistor (100 Q)

Assuming the open-loop gain is approximately
2000 then where | Vou | ~ |Vin|> 5 mV then amplifier
is saturated and yA702A output is> +10V.

C, may be considered to be charging from a 10V
source through approximately 350 ) for this condi-
tion. The charging circuit for the last 5 mV requires
more detailed analysis and, for most applications,
probably produces negligible error.

Note (1). D, protects against possible latch-up or
excessive input voltage.

Note (2). R; provides temperature stability and mi-

RIRS
nimum offset where R;~

Ri+Rs
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Fig. 3.21 - Peak Voltage Detector

Note (3). D; and R, are a refinement which ensures
that pin (2) always act a « virtual earth » point. Also
by keeping the amplifier loop gain at unity for posi-
tive inputs, hard negative saturation does not occur
which improves the response to short-duration input
pulses.

Note (4). R, andC, provide frequency compensation

3.2.9 Full-Wave Rectifier

Fig. 3.22 shows a circuit of an absolute value or
full-wave rectification circuit where the normal

forward voltage drop V; of the diode is almost
eliminated.

The first wA702A acts as a unity-gain, half-wave
rectifier giving negative output for positive input
signals.

This output is fed, together with the original signal,
into pin (2) of the second uA702A acting as a sum-
ming amplifier via R, and R, respectively. Because

Rs Re
and — the second amplifier ope-
Rlo Ré

of the ratios

R
Vin O—
10 KQ
R,
5 KQ

J S ) c
10 KQ ot

4
I 5000 pF

Fig. 3.22 - Full Wave Rectifier

QA702A 7

=T 3300 pF
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rates with unity gain to the original signal and x2
for the half-wave output signal.

The net effect is that the output is always positive-
going and gives the absolute value of the input since
for negative V,, the input is directly into the sum-
ming amplifier via R,, while the half-wave output is
zero. For positive inputs, the addition of the signals
via R, and R, gives a net negative input equivaient
to unity-gain positive output.

Note (1). R; and R; provide thermal stability and
minimise offset voltage.

Note (2). Ry C, and R, C, are for frequency compen-
sation.

3.2.10 Current Source Generators
(a) Grounded Load Current Generator

Fig. 3.23 (a) shows a suitable circuit for a current
generator to a load having one end earthed. |t may

RZ
— 1
—
Rl
[ } 2
L RS
AT02A 7 —
R, "
Vi O —____F 3
R, R
I 1
L

Fig. 3.23 (a) - Current Source Generafor Grounded Load - Basic Circuit

Ré
620

D, = BZX38

TR, = BFY77

Fig. 3.23 (b) - Grounded Load — Practical Circuit

TR, = BFY64
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be shown that, if R, and R, »R_ so that the currents
flowing through R, and R, are negligible compared
with iy, then an expression for the load current may
be given by:

Rs 1
=Vie—-— (1)
Rs Rs
R2 R4
Where — = —
Ri Rs

It should be noted that care has to be taken to
avoid exceeding the common-mode operating voltage
limit above +0.5V by limiting the voltage developed
across R. such that:

R
(VL= iLRs) — <05V

Ri+R;

Fig. 3.283 (b) shows a practical crcuit where V,, is
constant and the current level is set by adjustment
of RV,. The values indicated are suitable to provide a
load of 100 Q@ with a current of 50 mA.

(b) Floating Load Current Generator

Fig. 8.23 (c) shows the basic circuit of a current
generator where the load is floating, i.e., neither side
is grounded. The expression for the load current
ic, assuming infinite open-gain for the amplifier, is

as follows:
iC:Vin.——"_ ............ (3)
R R,

Fig. 3.23 (c) - Floating Load — Basic Circuit

Fig. 3.23 (d) shows a practical example of a cir-
cuit capable of delivering currents up to 50 mA
depending on the load resistance and with suitable
values of R, and R,.

Vi, is kept constant and is provided by the Zener
diode Z, (6.8V). The current level is adjusted by
means of RV, and, for the values shown, would give
a current of approximately 35 mA at mid-point.

C, and C, are for stability purposes.

TR, = BFY64
TR, = BFY56

D, = BZX40

—6V

Fig. 3.23 (d) - Floating Load — Practical Circuit

470 Q2
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3.2.11 Sine-Wave Oscillator

Fig. 3.24 shows the circuit diagram of a phase-
shift-oscillator. Negative feedback is applied to the
inverting input of the amplifier through R, to stabilize
the gain and make it essentially independent of the
integrated circuit characteristics. The RC network
(Ci, Ry, Ry, and C,) applies positive feedback to
the non-inverting input. The circuit will oscillate at
the frequency where the phase shift through the RC
network is zero, as long as the positive feedback
is equal to or greater than the negative feedback.
[t is desirable to maintain the positive feedback
exactly equal to the negative feedback: if the po-
sitive feedback is greater, the output of the oscil-
lator will build up until it becomes non-linear,
thereby distorting the output sine wave. The po-
sitive and negative feedback cannot be made
equal with a simple adjustment since any small
component change will either cause the circuit to
stop oscillating or distort. This difficulty is overcome
using an AGC circuit which holds the gain at the
precise value required to sustain oscillation at the
desired output level.

If R,C,=R,C,, the frequency where the phase shift
through the RC network is zero (and therefore the
frequency of oscillation) is given by

1
f=

QTER'[C]

The attenuation through the network at this fre-
quency is

2R,

Rq

The amplifier gain must make up for this loss for
oscillation to be possible. For R, = 10R, the ampli-
fier gain must be exactly 21. A large ratio of R, to R,
is chosen to keep the signal level across the gain-
regulating FET enough to avoid distortion.

1+

The output of the amplifier is rectified by D, and
filtered by C,. This voltage, which varies as the A.C.
output of the amplifier, is fed to the gate of the FET.
The drain-to-source resistance of the FET is con-
trolled by this voltage to hold the output of the am-
plifier at a constant level. The filter capacitor, C,,
must be large enough for stability of the AGC loop.
The value of C; is also important for AGC stability.
To change the frequency of oscillation, C,, G, G,
and C, should all be changed in proportion. The
A.C. output level is determined by the ratio R./Rs
and the characteristics of the FET.

With the component values shown, the frequency
of oscillation is 1 KHz and the peak-to-peak output
voltage is about 8 V. The stabilization time from ini-
tial turn-on is approximately 50 milliseconds.
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BAY73 R,

2N3277

——O
OUTPUT

Fig. 3.24 - 1 KHz sine-wave Oscillator

3.2.12 Zero-Crossing Detector

Often in the processing of electrical analogue
data, a power spectrum analysis of some particular
signal waveform must be performed. This procedure
requires that the frequency content of the signal
waveform of interest, within a specified passband, be
extracted from the broadband signal and noise. A
zero-crossing detector using the pA702 operational
amplifier provides a simple and effective means of
performing such an operation.

A zero-crossing detector is a device which chan-
ges state each time the analogue input signal passes
through zero (or through its average reference level).
The input signal is thus converted into a train of
frequency-dependent pulse-widths. The resultant ze-
ro-crossing intervals then may be examined for
frequency content.

This «infinite » clipping of the signal virtually
eliminates distortion caused by amplitude fluctua-
tions, circuit variations, and noise, and permits sim-
plification of further data processing though the use
of digital techniques. These features are especially
valuable for information processing systems where



section 3 continued

signal storage and correlation processes are to be
utilised, such as in digital beamformers and corre-
lators.

The commonly used Schmitt trigger and multistage
limiter-clipping circuits can exhibit large errors in
zero-crossing information. The Schmitt trigger in-
troduces distortion due to its large «on-off » hyste-
resis characteristic. The circuit does not change
state when the input signal passes through zero, but
at different levels for positive-going or negative-
going signals.

Distortion in multistage limiters is caused by a
shift in the average reference level after each suc-
cessive stage of limiting. The shift in average level
arises because the signal cannot be fully clipped in
one operation. Large peaks (which may be of one
polarity oniy) are clipped by the first stages of the
limiter, thus altering the waveform to produce a
different average level. The following limiter stage
then clips the resultant signal about the new average
level, which can completely change the character
of the original signal.

The large voltage gain and dynamic range of the
HA702A permit full clipping of a signal by a single
stage of processing. The circuit shown in Fig. 3.25

exhibits a nearly ideal transfer characteristic for a
zero-crossing detector.

The amplifier has full open-loop gain (about 70 dB)
when the output is less than the forward voltage li-
mits of the diode network, and it has very little gain
outside this range. Thus, an extremely wide dynamic
range of input signals, including small voitage ex-
cursions of the order of £ 500 microvolts, will com-
pletely drive the amplifier to the maximum output of
+ 1.5 volts. A random analogue waveform fed into
the input of the circuit thus will be uniformly clipped
with negligible hysteresis or loss of average referen-
ce level.

A useful variation of the basic circuit is obtained
by replacing R, in Fig. 3.25 by a capacitor. The out-
put signal then changes state each time the input
signal passes through an amplitude peak rather than
through zero. Since the signal rate of change is zero
at an amplitude peak, this peak-detector circuit
functions as a zero-crossing detector for the first
derivative of the input signal.

The use of both zero-crossing detectors and
peak-detectors results in simple, accurate data pro-
cessing systems. For example, a position pick-off

R

INPUT  5KQ

BAY74i

Fig. 3.25 - Zero-Crossing Detector
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sensor, monitored by both circuits, would provide
precise information regarding the time at which the
system being measured passed through its rest po-
sition (x = 0) and when its velocity reached zero

(3

These signals may be used as final output infor-
mation, or may serve as timing or gating signals to
initiate synchronous sampling of other instantaneous
functions. The simplicity, reliability, and extremely
small size of the pA702 permit many such circuits to
perform complex data processing in any easy and
convenient manner.

3.2.13 Power Supply

Fig. 3.26 shows a stabilized power supply with an
output voltage range variable from 1V to 24V, and
able to deliver a current of 100 mA where the pA702A
acts as an error amplifier.

The pA702A is separately supplied by the series-
connected regulating transistor in such a way that
the output voltage and current delivered from the
power supply are defined by the power which can be

dissipated, and by the breakdown voltage of the
actual transistor.

The output transistor is provided with a proper
heat-sink in order to allow for a permanent short-
circuit up to an ambient temperature of 50°C.

Within the dotted area of the circuit diagram is the
output current-limiting circuit.

The output current of TR, causes a voltage drop
across R, + P, which, when it reaches the threshold
voltage of TR; causes it to conduct. Consequently
the current of the pA702A output transistor and the
regulating transistor decreases.

In fact, as the output voltage decreases the cur-
rent remains constant; in this region the power
supply can be considered as current generator with
an output impedance of about 30 k.

The maximum current delivered can be easily
adjusted in the range between 10 mA and 100 mA
by means of potentiometer P,.

The capacitor C, at the output is used to reduce
ripple and noise to about 2mV and to ensure, in
conjunction with capacitor C,, the necessary stabi-
lity with frequency response of the whole system.

The output voltage is stabilized to within £ 10 mV
for input voltage variations of * 20%, and for load
currents between 0 to 100 mA; it can be altered from
1V to 24V by adjusting potentiometer P,.

R3
1
LI
62 KQ2
+ J—
- e s O Vv, O
31V +£20% |
Cd
wmpen 0.1 pF
BZX13 BA.Y72
8
300 2 3 2 HwA702 7
" A |
BAY72
C
+ 5
o = 0.1 uF
24V v
+ 20% "2
—I|B

“ Heatsink required

Fig. 3.26 - Power Supply
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3.2.14 Servo Current Driver

Fig. 3.27 shows a push-pull, Class-B, servo current
driver.

The output current of opposite sides is sensed
across Ry and R;;. One pA702A (A,) functions as a
unity-gain, non-inverting amplifier that makes the
voltage across Rg equal to the input voltage for
positive input signals. For negative input signals, A,

functions as a unity-gain, inverting amplifier that
forces the voltage across R;; to be equal to the
input voltage. Thus, phase inversion for the push-pull
amplifier is obtained. The quiescent output current
of the amplifier is determined by R, and R,. The
values shown give a quiescent current of approxi-
mately 20 mA on each side. The circuit will give
a = 2 A output current for a £ 2V input signal. The
input resistance is 4 kQ.

+ 12V

2KQ

620K

3.9KO TR,
BLY30
)
1.2 MQ
R.| [10
5W

—6V

Fig. 3.27 - Class-B Servo Current driver

It is immediately obvious that the excellent D.C.
characteristics of the pA702A permit biasing of the
output stage at very low quiescent currents without
running the risk of thermal runaway or of encounter-
ing a dead zone — even for operation over the full
temperature range. It is also apparent that the low
offset and high gain allow good accuracy without
wasting an excessive amount of the supply voltage
across the current-sensing resistors. Since the out-
put fransistors are included within the feedback
loop, their characteristics have a negligible effect
overall performance.

One unusual aspect of this circuit is that the
ground terminal of A, (pin 1) is connected to the
current-sensing resistor, Rg. This provides bootstrap-
ping on the common-mode range of the amplifier so
that it can be operated above its usual common-
mode |limit of + 0.5V without exceeding ratings.
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3.2.15 Voltage-to-Frequency Converter (a)

Fig. 3.28 (a) shows a circuit which may be used as
a voltage analogue-to-frequency converter.

The pA702A in conjuction with TR, acis as a
precision constant-current generator proportional to
the input voltage to the non-inverting terminal (pin 3).

TR,, C, and T, act as a blocking oscillator circuit
with a repetition frequency which is directly propor-
tional to the rate of charge of C, to a critical voltage
V, at which TR, commences to conduct.

The expression for the transconductance of the
current generator is:

(Re+Ry) 1 Pre

Om = (M

R (Re+RVy) (e t1)

where hge is the D.C. current gain of TR,.
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R?
4.7KQ
t N OUTPUT
8 R,
1 pA702A 7
4 (1 KQ)
3
Ay o
4700
INPUT
-l
—3VO—
D, = BAY73 TR, = BFY77
D, = D, =D, = BAY71 TR, = BFY64 Fig. 3.28 (a) - Voltage to Frequency Converter

Since TR, is chosen to have very high hg: down
to low current levels (typically 290 at 100 pA), the g,
is determined almost entirely by resistor ratios.

D, is a low-leakage current diode in series with the
base of TR, to reduce the normal lgzo Which would
tend to cause non-linearity at very low charging cur-
rents. C, should be a low-loss non-polarised capa-
citor such as the « Mylar » type.-

Note (1). C, R; provide frequency compensation and
reduce noise voltage. R; also prevents the possibility
of excessive current being delivered from the output
of the pA702A.

Note (2). D, provides a reset current path for the
blocking oscillator transformer.

Note (3). Ry limits the maximum current through TR,
to a safe level.

Note (4). The transformer T, consisted of 20 turns of
0.16 mm diameter wire for both the primary and
secondary. The core was a Philips toroidal type
K300437/3HI.

The amplitude of the output pulse should be ap-
proximately the difference between the supply rails
(i,e. +9V) and the duration is dependent on the
volt-second storage capacity of the transformer core.
The pulse duration should, in any case, be made
very much smaller than the maximum repetition rate
expected from the oscillator.

This circuit was originally developed for a thermo-
couple input signal where the offset voltage com-
pensating potentiometer RV, was adjusted to.give
an output frequency of «0.5 Hz for zero input voit-
age and V/f scaling was carried out by means of
RV, to give 200 pulse/sec. for a 5 mV input.
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The overall performance of the circuit is depen-
dent on the stability of the power supplies and en-
viromental temperature but for a given set of con-
ditions, linearity better than 0.5% can be expected.

Voltage-to-frequency converter (b)

Fig. 3.28 (b) shows a voltage-to-frequency con-
verter consisting of an integrator, a voltage compa-
rator and switch. The output voltage of the integra-
tor is a negative-going ramp which falls at a rate
that is directly proportional to the D.C. input signal.
When the output of the integrator reaches a prede-
termined negative level, it is sensed by the com-
parator which drives the switch to reset the inte-
grator output to zero; the cycle is then repeated.
The time required for the integrator output to go
from zero to the preset level is inversely proportional
to the input voltage so the operating frequency will
be proportional to this voltage.

The pA702A is chosen for the integrator because
of the fast slewing rate required during the reset
interval. However, the pA702A alone does not have
enough gain to make the integrator function properly
over a wide dynamic range. In addition, lower input
currents than are practical with the pA702A are
frequently required in this application. Both these
limitations are overcome by using a discrete PNP
matched pair (TR, and TR,) in front of the amplifier.
This composite amplifier has a gain greater than
25 000 and input currents less than 0.5 pA. The offset
voltage of the input transistors is conveniently balan-
ced out with the potentiometer (R;) shown in the
circuit. Because of the high gain of the complete
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amplifier, frequency compensation is done at two
points with R, - G, and Rg - C; as shown in the
figure.

The integrating capacitor is C,. The clamping
diodes (D, and D,) prevent overloading of the com-
parator under abnormal operating conditions.

A second pA702A is used as a voltage comparator
at the output of the integrator. A threshold voltage
of —4V is supplied to the non-inverting input of
the comparator from a resistive divider (R, and Ryy).
When the output of the integrator falls to —4V,
the output of the comparator rises rapidly from
— 5V, turning on TR; which supplies positive feed-
back to the non-inverting input of the comparator.
TRs saturates and drives approximately 11 mA into
the summing node of the integrator; it also holds
the non-inverting input of the comparator very near
to ground potential. When the integrator output,
which is being driven positive by the switch current,
reaches zero, the comparator output swings nega-
tive and turns off TR;. The cycle is then repeated.

The time required for a given change in the output
voltage of the integrator is given in terms of the
input voltage and circuit values by

AEour
it = R]C.1

EIN

Similarly, when TR; is turned on, the reset time is

AEgqur
to= Chmm— (2)
lca
or
AEqur
t. =R, C4y—0m™ (3)
V-

The output of the integrator swings from zero to a
voltage determined by the resistive divider, Ry, and
R, so

In Fig. 3.28 (b) R;, limits the base drive of TR; while RV~
Cs and G, decrease the turn-on and turn-off times AEgy = —— (4)
of the switch. Rio+ Ry
—B8YV
R, INTEGRATOR COMPARATOR
LT
25 K2 C, == 0.1pF
R, Rs
39 KQ2 39KQ

0.005 WF

ovi
AEoul

—a4Vv T

2v

Fig. 3.28 (b) - Voltage-to-frequency Converter

200 pF

Cé

_I I_ BFY72
R]?

H ),
8.2 KQ

SWITCH

OUTPUT O

100 H/V

A ov
AEOU[

—4v
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Therefore, the period for one cycie of operation is

CsRypo V™ ( R Ru ]
+

T = . (5)
Rioc+ Rt k Ein \
Rl RH
Since —— » ——, we can write
En e
(Rio+Rn) En
fotororonmo———— (6)
C.Ri RV

This gives a conversion factor of 100 Hz/V.

3.2.16 Transformerless Phase Detector

Fig. 3.29 shows a circuit developed as a 400 Hz
transformerless phase detector. The first pA702A is
used without feedback to produce switching pulses
to TR, base. The network R,C, is used to produce a
phase lag of 90° with respect to the input reference
signal V(gef).

The second pA702A acts as a differential amplifier
into which V(rery and V, are fed. The output voltage
from pin (7) will, in general, swing about zero po-
tential. The output V, is the integral of the voltage
present at pin (7) during the period of each cycle for
which TR, is switched on.

Even when V(,, and Ve, are in phase, they will
not necessarily be of the same amplitude. The dif-
ference in amplitude will result in a sine-wave out-
put at pin (7). Since, however, the switching pulse

has been displaced in phase by — 90° then the out-
put integrates to zero, having swung symmetrically
about zero during the «on » period.

If Viiny is not in phase with Vg, then the output
at pin (7) will not be symmetrical about zero for the
«on» period and there will be a resultant output
Vou Which will be negative if Vi, leads on Vi, and
positive if it lags.

Note (1). When pin (7) is negative, TR, acts as an
emitter-follower with Ry as the emitter load. Where
pin (7) is positive, then the emitter and collector are
reversed in role such that Ry, becomes the collector
load. There is, however, adequate base current drive
to saturate the switch in this configuration though
there is some loss in output voltage symmetry.
Note (2). D, blocks the positive-going output from
the first uwA702A and protects TR, from excessive
reverse Vge.

Note (3). In order to provide approximately 90° phase
shift, then

Ri
Xep<—
10

Note (4). To provide approximate integration of the

1

.output waveform, then C;R,,>10t where t = — and

f

R.»Rie.

D, = BAY 71

TR, = BFY 64

Fig. 3.29 - Transformerless Phase Detector
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Note (5). Although the output is relatively indepen-
dent of the ratio in amplitude between V. and
Viny, Optimum results will be obtained if these am-
plitudes are matched to within 10%. In any case,
care must be taken to avoid exceeding the common-
mode operating range of both amplifiers by limiting
the input to a maximum of 1V peak-to-peak.

Greater sensitivity may be obtained by increasing
the gain of the differential amplifier (R, Rs, R; Ry) but it
is important to avoid allowing the amplifier from
operating non-linearly due to a combination of input
error signals, otherwise the descrimination is upset.

3.3 A709 BASIC AMPLIFIER CIRCUITS

3.3.1 Inverting Amplifier

Fig. 3.30 shows the amplifier circuit diagram of an
inverting amplifier using the pA709 where the output
voltage is input voltage dependent as shown by the
following formula:

In this circuit the output impedance of the ampli-
fier is reduced by means of feedback to values less
than one ohm while the input impedance is:

The stability versus frequency is obtained by Ry, C,,
C, groups designed to obtain the maximum band-
width (0.5 MHz).

The circuit can obviously also operate with diffe-
rent resistance values and, in consequence, with
different closed-loop gains.

It should be noted that offset noise and thermal
drift indicate the minimum applicable signal, while
the input current, noise current and bandwidth re-
quirement limit the maximum resistances values.

Fig. 3.30 - Inverting Amplifier

3.3.2 Non-Inverting Amplifier

The excellent differential characteristics, the high
gain and high input voltage range of the pA709
make this device particularly suitable for non-invert-
ing amplifier applications.

- Fig. 3.31 shows an amplifier of this type made with
the pA709 device whose gain is defined by the
following equation:

Ri+R;

e, = —

e
R

The output impedance is lowered up to values of a
fraction of an ohm by negative feedback, while the
input impedance rises, as given by:

1 1
Zin = =
1
Ym YGG + Y’Z3
A
1+
R, +R;
Ri
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where Y;; and Y,; are the admittances between in-
put 3 and ground and inputs 2 and 3 respectively.
Since the pA709 common admittance (Y = Ygo) is
very low at low frequency, of the order of 1078Q~"
the input resistance is given by:

- ()
Rin = Ao
Y’23

R:+R,

Finally, the compensation network has been desi-
gned to obtain the maximum bandwidth, while the
resistance R, has been chosen equal to R,/ /R, to
minimise offset and drift.

R2
L
| S|
1MQ
+ 15V
RI
| —| — 2
e
l 10 KQ 7
. LA709 5 L —oO ¢,
s 51Q
€ O— {1} + 31 C, !
10 KQ
Cl
3 pF
100 pF
R — 15V
1.5 KQ

Fig. 3.31 - Non-Inverting Amplifier

3.3.3 Differentiator

Fig. 3.32 (a) shows the circuit diagram of a diffe-
rentiator using the pA709 element.

The current flowing into the summing point
through the capacitor G, is defined by the equation:

Since the current i, is equal to the feedback cur-
rent flowing through resistor Ry (less the pA709
input current) the output voltage is given by:

d91

e°=—icRd :—Rd Cd

— Tqpe,
dt

The circuit diagram shown in Fig. 3.32 (a) differs
from the ideal differentiator by the addition of ca-
pacitor C. and resistor R;.

These componentis have been added to ensure
the necessary frequency response stability to the
differentiator circuit. More-over, limiting the gain
measured at high frequencies obviously higher than
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the operating ones, the output noise can be dras-
tically reduced.

Resistor R, is inserted to limit the current across
capacitor Cq, thus avoiding source overloads.

In addition, the circuit acts as a differentiator at
low frequencies, an integrator at high frequencies
and as a proportional amplifier at intermediate fre-
quencies as indicated in Fig. 3.32 (b).

The differentiator time-constant is selected so that
the maximum rate of change of input signal will
produce full-scale output not higher than the maxi-
mum allowable eymax;

leolmax

RdCd =
de]

dt

max

Finally, the error produced by summing point volt-
age and current offset referred to the input is:

de, 1 1
_ error = — — Eoffset + loffse!
dt Cq Rq



section 3 continued

€, 0—
1WF 5100

100 KQ

Fig. 3.32 (a) - Practical Differentiator
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Fig. 3.32 (b) - Frequency response of pratical differentiator of fig. 3.32 (a)

3.3.4 Integrator

The capability of being able to execute the integral
operation accurately is of fundamental importance in
many applications.

The circuit in Fig. 3.33 shows a free-running inte-
grator (i.e. without reset or hold circuits) made with
a pA709 element.

Since the current e/R flowing across the input

resistor must pass through the feedback capacitor,
we obtain:
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and thus:
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where T = RC is the time-constant of the integrator.
For example, in Fig. 3.33, R =100k, C = 1yF,
RC = 0.1 sec.

T is really the time required for the output voltage
to change by an amount equal to the average value
of the input voltage during the time At:

At
— A, = ——&g
T

The circuit shown in Fig. 3.33 must be used in a
closed-loop system and equipped with circuits ca-
pable of setting a starting condition at the output; in
fact, due to its voltage and current offset the actual
integration tends to reach one of its saturation li-
mits within a certain time.

Finally, the R,, C, and C, networks ensure the
necessary frequency stability at the output.

3.3.5 Low Input Current D.C. Amplifier

In spite of the excellent input characteristics of
the pA709 operational amplifier there are applications
where better performances are required.

9

Fig. 3.33 - Integrator

For instance, in logarithmic amplifiers with a
higher swing than the one described in Section 3.4.5,

O V+ = +15V

RC!

5 MQ
P1
1MQ

INPUT O—

6 OUTPUT

10 KQ

—QV-=15V

Fig. 3.34 - Low Input Current D.C. Amplifier
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in summing amplifiers with high values of source
resistance and in high-linearity and large time-con-
stant integrators there is the need for improved
input characteristics.

Fig. 3.34 shows the operational amplifier circuit
diagram employing a uA709 element and a differen-
tial stage in a common-collector configuration, with
a dual PNP transistor type BFX36.

In this amplifier the voltage drift is equal to the
sum of the pA709 voltage drift and that of the
input stage added to the pA709 current drift mul-
tiplied by the output impedance of the common-
collector stage.

The adaptor stage operates with a very low col-
lector current (1pA) and practically zero collector-
base voliage.

This is the reason why the influence of the Icgo Of
the transistors is eliminated, and the current drift
is due to current gain variations with temperature.

The amplifier has a high input impedance (15 M)
and a small input current (5-10 nA).

The input current at ambient temperature can be-
come zero by the current generator comprising TRs
and transistor TR, which are complementary to TR;:
in fact by adjusting potentiometer P, it is possible
to alter the current of TR; and consequently that of
TR, in order that:

fea
be equal to the base current

loa =
Rrea

ley

or TR, which is I, =

Moreover it is possible to obtain a current drift
improvement within a limited temperature range
(O to 60°C); in fact a typical current drift value is
20 pA/°C.

An improved increase in D.C. stability is obtained
by keeping the temperature of the whole ampiifier
constant, this is possible due to its small dimensions.
Note (1). Potentiometer P, is used to adjust the volt-
age offset with the input short-circuited to ground.

3.3.6 Power Booster Amplifier

The output power of the nA708 operational ampli-
fier is satisfactory for most applications but insuffi-
cient to drive resistive and capacitive loads requiring
more than a few milliamperes.

Greater output power may be obtained by adding
a unity voltage gain power booster, in cascade with
the integrated amplifier — within the feedback loop.

Fig. 3.35 (a) shows the block schematic of the
complete amplifier when the booster is connected
as the output stage of the pA709, all the supply
decoupling components are shown, together with
suitable compensating networks for the amplifier.

The integrated amplifier determines the input con-
ditions, bandwidth and slewing rate while the output
characteristics derive from the booster.

Fig. 3.35 (b) shows the power booster circuit. Two
difectly-coupled voltage amplifier stages in cascade
drive the complementary output stage. The output
is connected back to the emitter of the first stage,
and gives 100% negative feedbak to maintain the
voltage gain at unity, increases the input impedance

Peer and improves the bandwidth.
510
i* O+ 15V
INVERTED I
O'—‘ 2
INPUTS LAT709 7 BOOSTER
4
3. 8 OUTPUT
NON- ]
INVERTED |
1.5 KQ J
l — 1 . $——O —15V
510 L
25V 50 uF
5100 pF _[__ = 50
——

0.1 pF

I

Fig. 3.35 (a) - Block Schematic of Operational Amplifier and Power Booster
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The booster under consideration, protected up to
a maximum ambient temperature of 50°C, against a
permanently short-circuited output for all input si-

gnals, allows an output voltage swing of = 10V to
be obtained with a load of 100 Q.

—Q + 15V
RS
300
TR,"
BFY56
Rl
o—_1— i
100
2K
INPUT Ry,
{:l—(lb OUTPUT
20
RIO I
108 -k
BAY 72 I
150 02
BAY72 TR, e
4 L R,
BFX 40 |
] |
" HEAT SINK REQUIRED Lo
Rl]
30Q
+—0O —15V

Fig. 3.35 (b) - The Power Booster Circuit Diagram

+ 15V

2000 15K

Fig. 3.36 (a) - Squarer

2 KQ

83



section 3 continued

3.4  MISCELLANEOUS CIRCUITS

3.41 Squarer

Fig. 3.36 (a) shows a low-frequency squared using
the high performance pA709 element.

The input impedance is governed, to within a few
percent, by the resistor R, in parallel with the non-
inverting input since the input intrinsic resistance of
the pA709 remains fairly high at each operating
condition.

The maximum input level is limited at = 5V zero-
to-peak (= + 13 dBm) by the breakdown voitages of
the input transistor base-emitter junctions.

Fig. 3.36 (b) shows the limiting characteristic with
a sinusoidal input signal at a frequency of 1 KHz
where the output voltage has been measured with
a true root-mean-square voltmeter.

Potentiometer P, is used to adjust the offset volt-
age to zero and to produce a symmetrical square-
wave at the output, with the minimum input signal
(— 55 dBm).

Under such conditions the squarer can operate for
signals between — 55dBm and -+ 10 dBm, keeping
the square wave at the output symmetrical to within
1%/0 accuracy.

3.4.2 Comparator

The pA709 integrated amplifier can be used as
voltage comparator, particularly at low frequency, as
shown Fig. 3.37 (a). The reference and input volt-
ages must not exceed the maximum allowable limits
for both common and differential signals which can
be applied to the input.

14
E 12
G 10
=
o 8
> 6 l
4
2

0
— 60— 50— 40— 30—20—10 0 410
E,, (dBm)

Fig. 3.36 (b) - Squarer Limiting Characteristics

The integrated amplifier is used in open-loop con-
figuration with the compensating networks designed
for the minimum values.

The input-output transfer function is shown in Fig.
3.37 (b); note the low transition voltage.

The curve corresponds to the condition in which
the offset voltage has been set to zero, otherwise
the transfer function will remain within the limits of
+ 5mV of the input voltage.

Since voltage comparators are often used to mea-
sure the difference between a square wave and the
reference voltage, switching times are important.

—15V

(a) circuit

Fig. 3.37 - Voltage Comparator

‘Voul
V)
T15
T10
15 i
4 N + " S—Eref
—1 —0.5 0.5 1 (mV)
—5T
—10T7

(b) transistor function

— 157
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The comparator response times for output voltages
which vary negatively or positively, are shown in
Fig. 3.37 (¢) and in (d) for different values of over-
drive voltages (for response-time definition refer to
the pA710 data sheet).

The comparator output can be kept compatible
with digital integrated circuits using the circuit
shown in Fig. 3.37 (e) and (f) where the resistor
R = (510 ) limits the pwA709 output current.

(e) circuit

+3V

Fig. 3.37 - Voltage Level Detector

Vo + 38V

v, Eg
m

-06V

ref

(f) transfer function

3.4.3 Voltage Comparator with Hysteresis

For applications where a certain amount of noise
is superimposed it is desiderable to have a certain
hysteresis in the transfer characteristic.

The hysteresis is obtained by means of positive
feedback applied between output and input.
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These comparators are also useful in all cases
where the input signal varies very slowly.

In fact, for the hysteresis comparator, the time to
change from one state to the other is independent.
as a first approximation , of the input signal; for the
comparator described in paragraph 3.4.2 the time
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necessary to change from one state to the other is
strictly dependent on the rate of change of the input
voltage.

Fig. 3.38 shows a comparator with a hysteresis
cycle using the nA709 arranged in order to have the
output compatible with integrated digital circuits.

The hysteresis cycle Vy is given by:

and:
AVO = Vo max Vo min

By the use of the pwA709 element, comparators

AV, L . :
Vy = =AV which are sufficiently accurate with a hysteresis cy-
Ac ° cle in the order of a few millivolts can be designed.
VOUK
10 KQ v, +36V
o—r_—___}ﬁ‘ BAY71 max
Vin
Rl
o{ I Ay
Vit 10KQ

(a) Circuit

BAY71

Fig. 3.38 - Level Detector with hysteresis

in

— 06V

ot

(b) Transfer Function

3.4.4 Astabie MuRivibrator

Fig. 8.39 (a) shows the circuit diagram of an asta-
ble mulitivibrator using the pA709 integrated am-
plifier.

The circuit has two states: in one the output is at
positive saturation level, in the other at negative
saturation level.

Assuming, for instance, that when starting, the
nA709 output reaches the positive saturation level,
this is due to the effects of positive feedback produ-
ced across the voltage divider R, and R, as the
capacitor C across the resistor R is positively char-
ged. When the inverting input voltage reaches the
same value as the non-inverting input one, given
by:

R
V+o max —
R:+R,

the circuit switches very quickly to the negative
saturation level.
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In this new state the non-inverting input is kept
at the voltage:
Ri

V—O max
R, +R,
Therefore the inverting input remains at the poten-
tial of the capacitor charged to the voitage:
R
V+o max ~
R, +R,
because the switching took place very quickly. The
circuit therefore, remains at the negative state for
the time necessary to discharge the capacitor and
to charge it approximately to:
R,
V—c max -
R:+R,
through the resistor R.

The oscillation period is given by:
(V+o max ~__ V—o maxB) (V_o max — V+o maxB)

V+o max (1 - B) V—o max (1 - B)

= RClog,
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R which for a symmetrical output amplifier, is:
where 3 =
R1+R2 R]
Tt =2RClog, | 1 + 2—
! R,
82 k2
Fig. 3.39 (a) - Free Running Multivibraxor
c 13KQ  BAY 71
0.001 pF 75 KQ
5
0.01 uF S position| ! Hz
[ |
. F4 13KQ  BAY 71 ! 220
" B 2 20-200
L 3
1 uF ) s 3 200-2 K
[ 4 2K-20K
10 uF 5 > 20K
0——| 1
-
1.3 KO
Fig. 3.39 (b) - Square Wave Generator
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This multivibrator has excellent frequency stabi-
lity characteristics (better than 1%, for supply volt-
ages variations of a few percent).

Finally, Fig. 3.39 (b) shows a square-wave gene-
rator. The fine frequency adjustment is made by
potentiometer P; which varies the hysteresis cycle,

while the coarse adjustment is obtained by switching
the capacitors C.

Potentiometer P, is used to vary square wave duty-
cycle.

It should be noted that the muitivibrator stability
decreases by some percent by the addition of diodes
and potentiometers.

Fig. 3.40 (a) - Logarithmic Amplifier

+ 15V

3.4.5 Logarithmic Amplifier

The bipolar transistor is probably the most predic-
table non-linear element know to physics. In fact it
is known that the variation in collector current with
emitter-base voltage is given by

qVee
lee exp | — | . (1)
kT
4KT
where Vgeg>
q

In this equation, q is the charge of an electron, k
is Boltzmann’s constant and T is the absolute tem-
perature. The expression holds up to high currents
where emitter contact and base spreading resistan-
ces become important and down to low currents
where coliector leakages cause inaccuracy. The
expression is valid for operation over at least nine
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Fig. 3.40 (b) - Logarithmic Amplifier
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decades of collector current with well-made silicon
transistors. This contrasts with similar expressions
for diode current and the emitter current of tran-
sistors which show substantial error over three
decades of current operation.

Using the expression given above, it can be shown
that the emitter-base voltage differential between
two matched transistors operating at different col-
lector currents is

kT
AV = —— log,

q lea

In the circuit of Fig. 3.40 (a), a transistor TR, is

used as the feedback element around a pA709
operational amplifier. The negative feedback forces
the collector current of TR, to be equal to the cur-
rent into the summing node of the amplifier. Hence,
we can write

Ein

ey

ley =
R,
The collector current of TR, is determined by the
positive supply voltage and R, as
V-r-

R,

lea =

If TRy and TR, are a matched pair of transistors,
Eg. (2) can be used to give

kT R¢ Ein
e | —

q R, v+

Since the base of TR, is grounded, the negative of

this voltage is presented to the input of the second
amplifier. The gain of this stage is

AVg =

R;+Rs
AV =

R,
$0

KT(R;+Re)

EouT =
aR,

which shows that the output voltage is proportional to
the logarithm of the input voltage. It can be seen
from Eq. (6) that the coefficient of the log term is
proportional to absolute temperature, which gives
it a thermal sensitivity of 0.3%0/°C. The overall tran-
sfer function of the amplifier is given for various
operating temperatures in Fig. 3.40 {b). As shown,
the amplifier has an 80 dB dynamic range.

CURRENT SOURCE

inl

+ 15V

AMPLIFIER

)a,

MULTIPLIER

BFY81

TR,

150 KQ

— 15V

Fig. 3.41 - Multipler

R, 5 * matched to 0.1%
200 1200 R,
150 KQ2
+ 15V
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Additional details of the circuit in Fig. 3.40 (a) are
that R, and R; are used to provide an offset adjust-
ment, which increases the dynamic range for small
input signals. Rs is used to limit the loop-gain of
the input amplifier so that it can be frequency com-
pensated. R; is chosen to be equal to the diode im-
pedance of TR, to minimise the effect of the input
bias current of the output amplifier. The slope of the
log characteristic is determined by Rs while R, de-
termines the zero crossing.

3.4.6 Multiplier

Another interesting use for the non linear proper-
ties of the bipolar transistor is the multiplier shown
in Fig. 3.41. The basic multiplying element is the
transistor pair, TR, and TR,. Its operation can be
understood from the following:

The small signal transconductance of a transistor
is given by:

dic qlc

dVge kT

A matched transistor pair in a differential confi-
guration as shown in Fig. 3.41 will now be conside-
red. For zero differential input voltage, the input
current supplied to the emitters will split equally
between the two transistors and the differential
output current will be zero. Hence, Eq. (1) can be
rewritten in terms o7 the differential output current,
the input current to the emitters, and the input volt-
age as

IIN IlN?

2KT

lOUT =

Hence, the differential output current is propor-
tional to the product of the differential input voltage
and the current supplied to the emitters.

In Fig. 3.41, the first uA709 supplies a current that
is proportional to a positive input voltage to the
emitters of TR, and TR,. Using standard operational
amplifier theory, this current can be shown to be

EIN'I R2

Iy =

Rs R,

A second input voltage is supplied to the diffe-
rential pair. Combining Egs. (2) and (3) and setting
R: = R, the output current of the differential pair is

EINl EIN2

lour =

2kTRs
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The output of the pair is connected to a second
wA709 that converts the differential current to a
single-ended, zero referred voltage.

The output voltage of this amplifier will be E,, =
= Ry4 lou, fOr Ris = Rys and Ry =Ry2. Hence,

qRy4
2KTRs

Eout = Eini Eine

which shows that the output voltage is proportional
to the product of the two input voltages.

There are several hints that are pertinent to
making the circuit work right. One is that the resi-
stor pairs Ry, Ry, and Ry, Ris must be very closely
matched (within 0.1 percent). An adjustment is pro-
vided for nulling the offset of TR, and TR,. This
adjustment should be made when the current-source
current is at its maximum value. It should also be
noted that Eq. (2) is a small-signal approximation,
so the voltage input to the differential pair should
be kept small. Restricting the input voltage to
+ 20 mV gives linearity that is acceptable for the
majority of applications. It should also be pointed
out that E;y, can be a bipolar signal while Ej; must
be a positive voltage.

3.4.7 Microammeter

Fig. 3.42 shows the circuit diagram of a low volt-
age-drop microammeter using the pA709.

The minimum scale (1uA) is essentially determined
by the errors of the amplifier due to the thermal
drift and, to a lesser degree, by the low frequency
fluctuation and by the maximum allowable voltage
drop at the meter terminals (3 mV).

The current through the indicating instrument is

extremely accurate due to the high gain of the
wA709, and is given by the following:

R:+R; R
= Iln—

R Ru 3

Io == ||NR

A 1mA f.s.d. meter has been used as an indica-
ting instrument in order to make the unit very sturdy.

Potentiometer P, is used for zero adjustment in or-
der to compensate for the amplifier offset.

The meter, of very compact construction, is sup-
plied with two batteries of 9V and the current con-
sumption is kept within very close limits (3 mA). Dio-
des D, and D, protect the amplifier and the different
meter ranges are set from 1 yA to 100 mA, by means
of the the switched input resistors.

The meter has an accuracy of 1% at ambient
temperature, this is mainly determined by the qua-
lity of the meter, the tolerances of the resistors and
with temperature, and has an accury of 0.2%0/°C.
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Fig. 3.42 - D.C. Microammeter

3.5
3.5.1

wA710 BASIC COMPARATOR CIRCUITS
Simple Voltage Level Detector

Fig. 3.43 (a) shows a basic circuit for using the
differential comparator. A reference voltage between
=5V is connected to one input and the signal is
fed into the other. When the input exceeds the re-
ference signal, the output changes in state, see Fig.
3.43 (b). The output will switch positively or negati-
vely depending upon how the inputs are connected.

This circuit has a variety of uses. It can be em-
ployed as a high-noise immunity buffer for transfe-
rence from high level pulse circuits into low level
integrated logic. Noise immunities as high as 5V
can be obtained and held within a few millivoits
over worst-case conditions. Furhermore, the noise
immunities of entire banks of line receivers can be
controlled with a single voltage adjustment. Other
uses are as a voltage comparator in analogue/digital
converters, where one input is driven by the input
signal and the other by a ladder network. The device
has sufficient input sensitivity and output drive to be
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used directly as a tape or drum memory sense am-
plifier and threshold detector. Pulse shape resto-
ration may also be carried out where the threshold
level must be accurately maintained.

Note (1). In order to minimise offset voltage and
thermal drift, the source resistance of the signal
voltage and the reference voltage should be equal.
These resistances should also be made as low as
possible, preferably less than 200 ) for best per-
formance.

Note (2). Although the input voltage range of the
pA710 is £ 5V, the maximum voltage between the
inputs is also * 5V. If one of the inputs is at + 5V,
for example, the other can only be driven as low as
ground potential without exceeding the differential
input voltage limit. It is important to observe this
maximum rating since exceeding the differential
input voltage limit and drawing excessive current in
breaking down the emitter-base junctions of the
input transistors could cause gross degradation in
the input offset current and input bias current.
Note (3). Some attention to power supply bypassing
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Fig. 3.43 - Simple Voltage Level Detector

Vout
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Vref
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—05V [ Vo, (min)
- (b) Transfer Function

is required with the pA710. This device is a multi-
stage amplifier with gain to several hundred mega-
cycles. Long, unbypassed supply leads or sloppy
layouts can therefore cause oscillation problems.
Bypassing with electrolytic or tubolar paper capaci-
tors is ineffective. What is recommended is that
both the positive and negative supplies be bypas-
sed to ground using low-inductance, disc-ceramic

capacitors (0.01 uF) located as close as practical to
the device. A neat physical layout, keeping the input
away from the output, is also important.

3.5.2 Voltage Level Detector with Hysteresis

In some applications where there are large
amounts of noise on the signal when it is passing
through the threshold of a level detector, it is de-

(a) Circuit

Fig. 3.44 - Voltage Level Detector with Hysteresis

+31V

V_,, (max)

out (

in

— 05V

Vi (Min)

el

(b) Transfer Function
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sirable to have some hysteresis in the transfer
characteristic. The hysteresis is generally made so-
mewhat greater than the maximum expected noise.
A circuit for producing hysteresis is shown in Fig.
3.44 (a). An external, positive feedback arrangement
(R,) is used.

The upper and lower trip points of this circuit can
be written as follows:

R] (Vout(max) - Vref)
VUT = Vref +t ... (1)
R,+R,

and

R] (Vout(max) - Vref)
Vo=Vt + ————— ... 2)
R, +R;

Therefore, the hysteresis is
Vi = Vyr — Vir
Rl (Vouk(max) - Voul(min))

Ri+R;

The minimum amount of hysteresis obtainable is
determined by the forward gain and output swing of
the comparator.

OUTPUT

-

INPUTS
+c»€i§
BFX36
—
1 @
V_

L

|NV|NPUTC%EE;) BFY8T

v+

_._O—.
INPUTS
+
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R?
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(b)
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3
BA710 7 ouT
2

R, R,
1KQ 1KQ
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30 K2
V._

Fig. 3.45 - Circuits for obtaining a higher input resistance
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It should not be made less than about 5mV or oscil-
lation will occur on the positive portion of the tran-
sfer function, if the small signal gain of the compa-
rator 1s not greater than the ratio of the feedback
resistors. Reduced hysteresis can usually be obta-
ined when the comparator is used with logic circuits
by taking the positive feedback from the output of
the logic. The additional gain of the logic permits
a smaller hysteresis. For example, with the additional
gain of a DT L gate, it can be made less than
0.2 mV.

With the connection as shown in Fig. 3.44 (a) the
1A710 can be substituted for a Schmitt trigger. it
has the advantage, though, that non-zero trip points
can be obtained and that both the upper and lower
trip points are easily and independently adjustable
over a wide range of positive and negative voltages.

Note (1). For a minimum offset and thermal drift

RiR;

R,=
R, +R;

3.5.3 Circuits used to obtain a higher
input resistance

In a number of applications the input currents of
the pnA710 are sufficiently high to cause a significant
error due to loading of the signal and reference
voltage sources.

To overcome this, a transistor pair can be used
in front of the comparator to reduce the input cur-
rents and increase the input resistance. Three possi-
ble circuits are given in Fig. 3.45. In the circuit (a)
using the PNP pair the full input voltage range of
+ 5V is still available.

The NPN circuit (b) is quite satisfactory when the
comparison is made at input voltages above — 2V,

The third circuit (c) offers the advantage, with
respect to the circuit (b), to maintain the same re-
sponse time of the pA 710 element.

This is obtained keeping the maximum resistance
seen by pA710 inputs equal to 2 k).

It is possible to balance the comparator offsets in
these circuits by unbalancing the emitter resistors
(R, and R,) on the input transistors.

The comparator speed is offset somewhat by the
addition of the input stage. This is caused primarily
by the collector-base capacitance of the input tran-
sistors loading the source.

The transistors shown in Fig. 3.45 were selected
for a low collector-base capacitance as well as a
high current gain, and should load the source with
a total capacitance less than 10 pF.

3.5.4 Line Receivers

Frequently in the design of digital systems it is
necessary to interconnect various equipments over
long lines where the possibility of picking-up consi-
derable noise exists. In the cases it is desirable to

94

use a line receiver that has considerably more noi-
se immunity than standard logic circuits to precondi-
tion the logic signals. Fig. 3.46 shows a line receiver
using a pA710. The resistive divider on the input of the
comparator permits higher level logic signals than
are possible with the pA710 alone. It is also possi-
ble to put a capacitor at the comparator input (C;)
to make the circuit insensitive to fast noise spikes.
Because of the high gain of the comparator, fast-rise
output pulses can be obtained even with this inte-
grating capacitor.

Note (1). For a minimum offset and thermal drift.
RiR;

Rg -
R, +R,

VTH/2
Fig. 3.46 - High Noise-Immunity Line Receiver
for Slow High-Level Logic

3.5.5 Simple Window Discriminator

In many equipments, particularly automatic GO/
NO-GO testers, it is necessary to determine if a
voltage or puise ampliiude is within ceriain limits. A
circuit for accomplishing this is shown in Fig. 3.47
(a). Two differential comparators are used. The
lower-limit voltage V, is fed into the non-inverting
input of one, and the upper limit voltage V, is fed
into inverting input of the other. The two remaining
inputs are connected together and driven with the
signal.

Note (1). The relative values of the source resistance
for the signal and the reference voltages should be

to make the accuracy dependent on offset currents
rather ihan bias currenit. These resistances should
also be as low as possible.



section 3 continued

vV,
R, + 4 Vou
3
+ 31V = —
HA710 7
"_o VOLI[
Bl Vin
UA710 7 —05Vv
Vi Vv,
R —~ |
(a) Circuit (b) Transfer Function
v,
Fig. 3.47 - Simple Window Discriminator

3.6 MISCELLANEOUS CIRCUITS USING pA710 the particular advantage over other types of mono-

stable crcuits in that the trigger point can be quite
accurately determined (%= 10 mV) over a wide thre-
. R . shold voltage range (= 5V).

Fig. 3.48 shows a circuit using the pA710 as a

precision, high-speed, one-shot multivibrator. It has

3.6.1 One-Shot Multivibrator

A positive output pulse is obtained for a negative

L—Vm —‘ time
L— t —~

(b) Waveforms

V<0

(a) Circuit

Fig. 3.48 - One Shot Mutivibrator
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input pulse which exceeds V., The output pulse is
of constant amplitude with the duration which can
be obtained from:

AV,R,
t=(R; + R;) Cy loge —————
Vref (RZ + RS)

or determined experimentally.

R; is used to reduce the recovery time (although it
can be eliminated). It can be made 10 or 20 times
larger than R, with a negligible loss in timing accu-
racy. It is also possible to obtain negative output
pulses with a positive trigger pulse by making
V.t > zero.

Positive outputs for positive trigger pulses and
negative outputs for negative pulses can also be ob-
tained by connecting the trigger coupling capacitor
(C,) to the non-inverting input. However, the interac-
tion between the trigger and feedback circuitry must
be taken into account.

Note (1). Where stability of the triggering voltage
point is important then R, and R, should be as low
as practical, consistent with the other circuit re-
quirements. The value of R, in series with the
effective source resistance of V. should approxi-
mately equal the value of R;.

Note (2). The value of AV, is dependent mainly on
the positive voltage supply and output load but
would be typically + 3.7V using supplies of + 12V
and —6 V.

3.6.2 Free-Running Multivibrator

Fig. 3.49 shows a circuit configuration for a pA710
used as a fre-running multivibrator. The method of
operation is as follows:

Positive feedback s applied via Ry and R; to the
non-inverting input. As the output, V, changes from

Fig. 3.49 - Free Running Multivibrator

the « Low » to « High » state, the voltage level at
pin (2) alters by an amount given by:

Rs

(Vo max ~ Vo min) -
R:+R;

At the instant of switching, the voltage at the
inverting input and hence at C, is equal to the ori-
ginal level of pin (2) in the « Low » state.

The capacitor now charges towards a voltage
given by:

R2 RI
Vo max+ V_ - 1 e e (2)
Ri+R.

Where V- is the negative supply voltage amplitude
and V, ma. is the voltage of the pA710 in the « High »
state. The effective resistance for the time-constant
would be:

RiR,

Refe=
R,+R,

The output remains «High » until the voltage at
pin (3) reaches the level at pin (2) given by:

Rs

Vomex e (3)

Voin =
R:+ R4

At this point the comparator changes state to the
« Low » level and the above operation occurs in
reverse.

Because of the fast response of the pA710, the
multivibrator circuit can be operated to quite high
frequencies. It has been used successfully to fre-
quencies as high as 5 MHz.

At high frequencies, performance can be slightly
improved by connecting a small capacitor between
the output and the non inverting input.

Note (1). To ensure self-starting the nA710 is biased
to give a D.C. operating point about the linear re-
gion. The ratio R4:R; and R;:R, are chosen such that
the voltage which C, charges towards, given by
equation (2), is always more positive than the voltage
present at pin (2) when the output is at V, max.

Note (2). For maximum stability of the operating
point with temperature, the source impedance into
pin (2) and (3) should be approximately equal.

Note (3). Using + 12V and — 6V typical values of
+ 3.2V and — 0.5V which correspond to output
« High » and « Low » respectively, are obtained.

In such a condition the ratio R4;:R; and R;:R, can
be chosen such that the output square wave is
symmetrical.

All these conditions can be satisfied if:
R, =97 R,
R: =18 R,
Ri=18 R,
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There are certain restrictions, however, on the R,
range.

If R, is smaller than about 1kQ the output sink
current of the pA710 may not be large enough to
swing the output all the way negatively.

On the other hand if R, is greater than about 24 k),
the input offset current could seriously effect the
symmetry of the output waveform, thereby causing
additional problems.

3.6.3 Core-memory Sense Amplifier

The circuit shown in Fig. 3.50 demonstrates an
interesting application for the uA710. This is a core-

memory sense amplifier (or threshold detector)
which offers many advantages over conventional
techniques.

Conventional sense ampilifiers are usually differen-
tial-input, differential-output amplifiers which amplify
the output of the cores and eliminate the large
common-mode signals present during read-out. The
actual sensing threshold is inserted in the output of
the amplifier.

This system has the disadvantage that the offset
voltage, the differential gain and the output common-
mode level of the sense amplifier must all be accura-
tely controlled, to get a precise threshold level. With

Vg = + 12V
+ “ Vout
Ré
12 KQ
R3
— 143 }
20 2 31V
Rs ] BA7I0 7 -
12 KQ ]
2 1
— -+
—Q0 4 o=
RA Vout —05Y V”‘
—1 3 1
209 20 + 20
A710 -
B : mvV mV
2
(a) Circuit (b) Transfer Function

Fig. 3.50 - Core Memory Sense Amplifier

the circuit as shown, the threshold is inserted direc-
tly at the input so only the offset voltage of the
comparator is important in determining the sense
level. Since the offset is quite low in the pA710, the
sense level can be accurately determined almost
independent of temperature. In the circuit, R, and
R,, provide termination of the sense line. The sense
level is essentially equal to the voltage across R;
and R, caused by current from the positive supply
(V.qj) through Rs and R,. Resistors R; and R, provide
the return path to ground for this current. The sense
level could be adjusted for each unit individually
to take into account offset voltage by altering the
value of R; and R,. The sense level of a whole bank
of circuits can be altered by variation of V4. A sta-
ble sense level within =5mV may be obtained,
however, using fixed circuit values and without volt-
age adjustment or selection of units.
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The sense level will be affected by a common-
mode signal, although only by approximately 8% for
a 1V signal if it is present during the read interval.
This is seldom a problem because, in a typical
memory store, the common-mode signal during read
is less than 0.5 V.

The circuit is directly coupled and employs low
storage-time devices. As a result, the recovery time
from either differential or common-mode overloads is
less than 50 nsec. The direct coupling also removes
the pattern sensitivity of threshold voltage seen
with A.C. - coupled amplifiers.

Input pulses of opposite polarity can be combined
directly at the output, as shown, only for positive
«ones ». Input pulses of opposite polarity can be
separated if desired. When the outputs are separa-
ted, either positive or negative «ones» can be
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obtained by switching the input terminals of the
comparators.

No provision is made for strobing, since this can
usually be accomplished with relative ease in the
following logic circuitry. Even so, direct strobing
can be done on the positive supply by driving it
from a standy condition of + 7V to + 12V during
the read interval. This has the additional advantage
of reducing the standby power dissipation by a factor
of 3.

In certain memories (i.e., biax) the sense line out-

put is a pulse of one polarity for a stored zero and
of the opposite polarity for a stored one. In these
applications, only one pA710 is required for a sense
amplifier. The differential input is connected directly
across the sense line; during the strobe interval, the
output will be in either a digital one or zero state
depending on the input pulse polarity.
Note (1). A special integrated circuit package is
available designated the pA711. This contains es-
sentially two pA710 circuits together for use in
applications such as described above. Reference
should be made to the Section 2.9.

3.6.4 Crystal-Controlled Oscillator

Fig. 3.51 shows the circuit of a 1MHz crystal-
controlled oscillator. Positive feedback is provided
from the output via the crystal to the non-inverting
input. '

The D.C. operating point is biased by means of
R; and R, connected to the negative supply so that
oscillation takes place about the linear (non-satu-
rated) region, thus ensuring self-starting.

C, decouples R, removing negative feedback at
the oscillation frequency. Resistor R;, in addition to

Fig. 3.51 - Crystal Controlled Oscillator
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providing the load across which the positive feed-
back voltage is developed, also helps to stabilize the
operating point with respect to temperature varia-
tions and should have the value,

RiR,
Rgz

Ri+R;

Note (1). Using + 12V and — 6V supplies, the ap-
proximate mean output level is typically 1.35V po-
sitive. If the non-inverting input is refurned to ground
via Rz then the optimum bias point is determined
from:

R, 1.35
= —— where V- is the negative supply voltage,
R, V-

and R; should not be greater than approximately
47 kQ.

Note (2). In order to decouple the negative feedback
to the inverting input, the value of C, is chosen so
that at the oscillation frequency the reactance is
given by:

Ri

Xc<
500

With a suitable choice of component values, satifac-
tory operation in excess of 5 MHz may be obtained
with this circuit configuration.

3.6.5 Positive Peak Detector

One difficult problem that can be solved with the
WA710 is the accurate measurement of the peak am-
plitude of very fast puises. A peak detector which
does this is shown in Fig. 3.52. The input signal is
applied to the non-inverting input of the pA710. The

* Tantalum Slug Capacitor (Sprague Type 1500)
Fig. 3.52 - Positive Peak Detector for Fast Pulses
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output is taken from a large capacitor connected to
the inverting input. If the voltage on the input ter-
minal is greater than that on the output, the com-
parator output will swing positive and charge the
capacitor rapidly through D,;. When the input voltage
drops below the voltage on the capacitor, the output
of the wA710 swings negative and the diode beco-
mes reverse-biased. This l|eaves the capacitor
charged to the peak value of the input signal.

Because of the low offset and fast response time
of the pA710, the circuit can measure the amplitude
of a train of pulses less than 100 nsec duration with
an accuracy of 5mV. The operating range of the
circuit, which is determined by the available output
swing of the comparator, is 0 to + 2.5V. The decay
time of the voltage developed across the capacitor

is determined by the input bias current of the nA710.
This is approximately 20 msec/V. If it is desired that
the peak detector follow more rapidly varying si-
gnals, a resistor can be inserted between the output
and the negative supply voltage. The peak detector
loads the signal source very little. The maximum
current drawn from the source is approximately
25 pA, and this only occurs at the peak of the input
signal.

The circuit functions as a unity-gain feedback
amplifier at the peak of the input signal with C,
providing frequency compensation. Hence, G, cannot
be made much smaller than the 1uF indicated or
the circuit will oscillate at the peak of the input
signal, giving erratic operation. However, larger
values of capacitance can be used.

240 0

Fig. 3.53 (a) - Simplified Circuit of the Switching Reguiator

3.6.6 High-Power Switching Regulator

Another circuit which demonstrates the flexibility
of the yA710 is the high-power switching regulator
shown in Fig. 3.53 (b). It is capable of delivering an
output current greater than 2 A at better than 80%
efficiency. The output voltage is adjustable over a
very wide range, and the load and line regulation is
better than 0.5%. The operating frequency is about
10 kHz and the output ripple is less than 10 mV.
Current limiting, which keeps the dissipation in the
power-switch transistor at a safe value, is provided.

[e]s]

The basic circuit can be explained with the aid of
the simplified circuit given in Fig. 3.53 (a). The pA710
is connected as a level detector with hysteresis, and
the regulator reference voltage is fed to the non-
inverting input. Therefore, the comparator will switch
on when the voltage on the inverting input is slightly
below the reference; and it will switch off when this
voltage is slightly above the reference. When the
comparator turns on, it drives TR; which saturates
TR,, applying the D.C. input voltage to the load
through L;,. The output voliage is sent back to the
inverting input of the comparator; hence, when the
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Fig. 3.53 (b) - High Power Switchin Regulator

L

output voltage rises above the reference voltage, the
comparator turns off. The output voltage now falls
at a rate determined by L; and C,. When it drops
by an amount equal to the hysteresis, the compara-
tor turns back on; and the output again rises. The-
refore, the circuit operates in a self-oscillating mode
in such a way as to maintain a constant ripple volt-
age across the |load independent of input voltage or
load.

The purpose of the diode D, in Fig. 3.53 (a) is to
provide a return path for the inductor current after
the switching transistor turns off. The size of the in-
ductor has a considerable influence on the efficien-
cy. If the inductor is large enough to maintain a
relatively constant current through the switching
cycle, it is easy to see how it is supplying the load
current continuously. However, this current (which
is equal to the load current) is only being supplied
by the input voltage source for part of the cycle. The
inductor is acting as a source, supplying current
through the diode, for the remainder. Therefore,
the average input current is less than the output
current. As the inductor is made smaller, the peak
currents become greater, increasing the losses in
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the power switch transistor, the inductor, and the
diode.

An interesting feature of the circuit is that if the
inductor is made large enough so the current
through it does not go to zero through the cycle,
the operating frequency will be affected little by the
load or the input voltage. Instead, it will be deter-
mined by the inductor, the output capacitor, and the
amount of hysteresis on the comparator.

The complete circuit of the switching regulator is
shown in Fig. 3.53 (b). A pre-regulator (TRs;, Rs and
Ds) is used to supply current for the temperature-
compensated, voltage-reference diode, D;. The pre-
regulator also provides power for the pA710. The
comparator is operated from supply voltages of
0V, +6V, and + 18V instead of the usual positive-
negative voltage combination. The + 6V is provided
by zener diode, D,. An emitter-follower transistor,
TR, is added at the output to increase the output-
current capability. TR; serves as the current-limiting
transistor: when the peak output current exceeds
about 3 A, the power switch transistor is no longer
required to maintain the output voltage. Instead, TRs
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supplies current directly to the inverting input of
the comparator. Therefore, the power transistor still
switches and does not have to handle anywhere
near the full short-circuit current at the maximum
supply voltage as would be required with conventio-
nal current-limit schemes.

The output voltage is established with the resistive
divider formed by R; and R;. A potentiometer can be
substituted to make this voltage continuously varia-
ble with the zener reference voltage determining the
lower limit of adjustment and the input voltage and
breakdown voltage of the discrete transistors de-
termining the upper limit. If additional ripple filtering
is desired, it can be added without degrading regu-
lation by connecting Rg to the output of the added
filter instead of to C,, keeping C, connected to
C, to provide the self-oscillating feedback. Resistor
Rs can also be used for remote-voltage sensing in
this manner.

Because of the relatively high operating frequency
of the circuit, all large value capacitors should be
solid tantalum and all the low-value capacitors
should be disc ceramic in order to provide adequate
bypassing.

3.7 wA711 BASIC CIRCUITS

3.7.1 Sense Amplifier Circuits

Conventional sense amplifiers are usually differen-
tial-input, differential-output amplifiers which amplify
the output of the cores and eliminate the comparati-
vely large common-mode signals present during
read. A full- wave rectifier and sense-level threshold
are inserted at the output of the amplifier to di-
scriminate between the zero and one outputs of
the cores.

This approach has the disadvantage that the offset
voltage, the differential gain, the output common-
mode level, the rectifier offset, and the output
threshold level must all be accurately controlied to
get a precise input-referred threshold level. A much
more satisfactory solution is to use a voltage com-
parator and insert the threshold voltage at the input.

In this case, the accuracy is only affected by the
offset voltage of the comparator (which similarly
affects the differential amplifier in the conventional
approach).

Variations in voltage gain and frequency response
do not affect accuracy as long as these are high

enough.
The problem in using a voltage comparator as a

sense amplifier has been that the threshold voltage
is not easily inserted at the input when common-
mode rejection is required. A straightforward ap-
proach to the problem requires a floating voltage
source. However, the circuit in Fig. 3.54 (a) inseris
the threshold at the input using a grounded supply,
yet it provides respectable common-mode rejection.
In the circuit, R, and R, provide termination for the
sense line. The sense level is essentially equal to the
voltage across R; and R, caused by the current from
the positive supply (V.g) through Rs and R, The
grounded tap on the line termination resistors
provides a sink for this current. The use of two
comparators enables the circuit to responde to
either positive or negative input signals above the
preset threshold.

The advantages of this approach using the dual
comparator are many. It does not require anything
that is difficult to do in the integrated circuit, which

Vo =12V
O STROBE

UA711

—O OUTPUT

(o, S

Fig. 3.54 (a) - Basic Sense Amplifier Configuration
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means that it can be produced and delivered. Fur-
ther, the threshold level is determined by inexpensi-
ve external resistors so a single dual comparator
design can be used for a wide variety of core sizes.
This permits standardization and allows production
volumes that make use of the true economies of
integrated circuits. The threshold voltage can also be
easily adjusted to match the optimum value for a par-
ticular memory bank. This is done with a single
adjustment for the entire battery of sense ampli-
fiers by varying V.q. In addition, because only input
offset voltage is the prime determinant of threshold
inaccuracy, the change of threshold voltage with
temperature can be held to a minimum. This is
important even though core outputs vary substantially
with ambient temperature for a constant current
drive. The reason is that if write and read functions
are to be done at different temperatures, the core
variation must be compensated with the current
drive for the cores. If an attempt is made to com-
pensate for core thermal variations with correspond-
ing thermal changes in sense amplifier threshold, it
is not practical to write into the cores at one tem-
perature and read out at another. The best situation
is for the sense amplifier to maintain a constant
threshold over the full temperature range.

With the circuit in Fig. 3.54 (a) the sense level will
be affected by a common-mode signal, although only
by approximately 8 percent for a one-volt signal with
V.qg = 12V. This is rarely a problem because the
common-mode signal during read is less than 0.5V

in most memories. This sensitivity can be reduced
by increasing Rs and R, and using a higher voltage
to set the threshold.

Because the comparator is directly coupled and
employs low storage time devices, the recovery from
either differential or common-mode overloads is less
than 50 ns regardless of their amplitude. The direct
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coupling also removes the pattern sensitivity of
threshold voltage seen with A.C. - coupled amplifiers.

The response of the sense amplifier to a typical
input one is shown in Fig. 3.54 (b). With an input
signal that is 7mV above the discrimination level
for 45 ns, an output pulse that is above the logic
threshold for 50 ns is obtained. Longer output can
be obtained using the pulse stretching techniques
described in Section 2.10.1.

3.7.2 Sense Amplifier with Improved Insensitivity
to Common-mode Signals

In the unusual case where very large common-
mode signals are present during read, the circuit in
Fig. 3.55 can be used. This circuit uses additionai
resistors to balance the input bias network to the
common-mode signal, and it provides a common-
mode rejection of at least an order of magnitude
better. This circuit is especially useful if the resistor
network is purchased as a thin (or thick) film as-
sembly since the extra resistors add little complexity
to the complete assembly and since the tolerance on
the balancing resistors can be looser than the to-
lerance on the threshold-determining resistors.

The high-frequency common-mode rejection can
be severely degraded by unbalanced stray capaci-
tances on the sense line and on the comparator
input. For this reason, low-capacitance resistors
should be used for Rs, Ry, R; and R, the physical
layout should also be such as to minimise strays.

3.7.3 Sense Amplifier Circuit Using
Temperature-compensated Preamplifier

When working with very small cores, the output
signal can be so small as to approach the offset
of the comparator. In this case, some sort of am-
plification is required before going into the sense
amplifier. In addition, since D.C. offset will be a
basic limitation on discrimination level in the pream-
plifier stage, A.C. coupling is also required. A method
of accomplishing this is shown in Fig. 3.56 (a). A
differential input stage is used as a preamplifier with
a gain of 10. Its output is coupled into the dual
comparator connected as a sense amplifier, with a
threshold voltage setting of 50 mV, in a circuit si-
milar to that in Fig. 3.54 (a). An inductor (L;) is
used to remove the offset of the input stage tran-
sistors so a matched pair does not have to be

+5V O STROBE
+
BA7T1 O OUTPUT
Ll
— Y\ _
o_@) BFY72
— ° +
TR, — LT
INPUT
O Q BFY72
TR2 RS Ré
10.5 KQ) 10.5 K
BFY72
TR,
A 1.4V Ry
i 326
® O —6V
Fig. 3.56 (a) - Sense Amplifier Circuit Using Temperature Compensated Preamplifier for
Increased Threshold Sensitivity
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used. The differential preamplifier achieves tempe-
rature compensated operation, within a few percent,
over the entire —55°C to +125°C temperature range
without the use of emitter degeneration resistors.
This is an advantage since the degeneration resistors
deteriorate common-mode rejection and give non-
optimum high-frequency characteristics. The voltage
gain of the differential preamplifier is made insen-
sitive to temperature by choosing a suitable bias
voltage, Vg, for TR;. The optimum bias voltage was
empirically determined to be 14V for —55°C to
+ 125°C operation. This gives a gain stability of
+ 5 percent over the full temperature range for all
units with a room temperature hge greater than 50.
For limited temperature range operation (0-70°C),
the optimum bias voltage is 1.3V, and a 1% gain
stability can be realized.

The gain of the preamplifier, and therefore the
equivalent input referred threshold voltage, is most
conveniently set by adjusting R;.

With the circuit as shown in Fig. 3.56 (a), the
sense threshold is 5 mV. Both the input stage and
the dual comparator circuit provide common-mode
rejection. The response of the sense amplifier to a
10 mV input signal is shown in Fig. 3.56 (b), this can
be improved by operating the preamplifier stage at a
higher current than the nominal 1 mA in the indica-
ted design.

3.7.4 Dual Sense Amplifier for Positive-on,
Negative-zero Memory Systems

Certain types of -memories (i.e., biax or non-
destructive read) give an output of one polarity for
a one and an output of the opposite polarity for a
zero. In these applications, one-half the wA711 can
be used as a sense amplifier. No resistor network
need be employed on the input to determine thre-
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Fig. 3.56 (b) - Response to 10 mV input
Pulse for 5 mV Threshold

shold since the comparator alone is designed to
detect zero crossing. The complete pA711 can be
used as a dual-sense amplifier with common out-
puts. The outputs can be separated as far as the
system logic is concerned by using the independent
strobe terminals. A circuit for this is shown in
Fig. 3.57.

3.7.5 Double-ended Limit Detector

The pA711 dual comparator was designed pri-
marily for core-memory sense amplifier applications.
However, it is sufficiently versatile to be used in a

? SENSE LINE # 1

Ry Ry

SENSE LINE # 2

100 2 100 2

Fig. 3.57 - Dual Sense Amplifier for Positive-one, Negative-zero Memory Systems

STROBE 1
+
A7 p———CO OUTPUT
+
STROBE 2
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number of other applications. One of these is shown
in Fig. 3.58. The circuit gives a positive output for
input signals below a preset threshold or above a
second, independently adjustable voltage threshold.
This output is fed to a lamp driver; hence, whenever
the input signal goes outside the tolerance limits,
the lamp will light. A feature of the circuit is that
the limit detector can be disabled when it is not
being used by applying a zero logic signal to the
strobe terminals. In addition, up to eight dual com-
parators can be wired with common outputs and be
used to feed a single lamp driver.

Details of the design are that the relative values
of the source resistances for the signal and refe-
rence voltages should be as indicated in the circuit to
make the accuracy dependent only on offset cur-
rents rather than bias currents. ldeally, these
resistances should be as low as possible. The lamp

driver design is such that its peak output current is
limited during the initial turn-on of the bulb when the
filament resistance is low. This is accomplished with
R,. Series resistor R, limits the output current of the
comparator when the lamp driver saturates.

3.7.6 Double-ended Differential Threshold
Detector with Hysteresis

Fig. 3.59 shows a double-ended differential thre-
shold detector. In this circuit hysteresis is provided at
both the upper and lower threshold levels. A pA709
operational amplifier serves as both a buffer and a
difference amplifier. With component values shown,
an output is obtained from the pA711 when the
difference between the iwo input voltages exceed
0.55V. A hysteresis of approximately 50 mV is ob-
tained.

+12V + 28V
2R STROBE 1
Exr O 1 3
10
28V@ 40 mA
+
4
R R,
E,. UATT1 ¢ ?;Yse
200 Q !
—7
R,
2R + 5 750
E O ,' ,' 6 1
STROBE 2
o
—8V TO DISABLING
LOGIC CIRCUITRY
Fig. 3.58 - Double-ended Limit Detector for Automatic Go No-go Test Equipment
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+12v
R, Ry
5.6 KQ I
24 KQ
—3
]
R, R ~+
— 1
Vint O -1 I J S 4
10 KQ 5100 9
R BAT11 +—O Vg,
2 R,
Ving —L 7
10 KQ 5100
]
Ry R,
6
5100 | 5100 Rio
—
24KQ
Ris
50 mv 50 mV 5.6 KQ
Y |
: : VIN2 — Vi
I | — 12V
(a) Circuit

—055V + 0.55V

(b) transfer function

Fig. 3.59 - Double-ended Differential Threshold Detector with Hysteresis
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4. MEASUREMENT OF INTEGRATED
CIRCUIT BASIC PARAMETERS

41 INTRODUCTION

This Section describes fairly simple test circuits
which may be used either to investigate in greater
detail certain integrated circuit parameters, for exam-
ple, the effects of variation in temperature or power
supply voltage on offset current, open loop gain, etc.,
or merely to check that a suspected device is still
functional and conforms to specification.

In order that better use may be made of the
circuits described, it is strongly recommended that
the other Sections of this Handbook are read first,
in particular Section 5 on Frequency Compensation
and Section 7 on Power Supplies.

42  TEST CIRCUITS

4.21 General Functional Test

The measure of large signal gain, linearity and
output voltage swing can be found from the ampli-
fier open-loop transfer function, which is a display
of the input/output characteristics of the circuit over
its full dynamic range.

The transfer function is obtained by applying the
A.C. input and output signals of the device under
test to the horizontal and vertical inputs of the
oscilloscope, respectively.

The resultant oscilloscope trace is a plot of the
amplifier output versus input: maximum output volt-
age swing, linearity and gain can be determined from
the curve shown in Fig. 4.1.

The basic circuits for different devices are shown
in Fig. 4.2.

D.C. stabilization of the operating point for the
amplifier must be provided: this is because the D.C.
gain is very high and an offset of few millivoits is
enough to hold the output in saturation over part or
all of the input cycle.

The amplifier is effectively tested under open-loop
conditions, since at trequencies above 1kHz the
reactance of C, is negligible when compared to R,.

Both C, and C, should be of low leakage type and
capable of efficient operation at high frequencies.

Solid tantalum or ceramic types are suitable.

The A.C. signal for the transfer fuction is applied
to the input of the Device under test through a
precision attentuator (R;, Ry).

The need for a high-gain horizontal deflection am-
plifier is eliminated by connecting the horizontal
input of the oscilloscope to the high-level terminal
of the divider.
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Fig. 4.1 - Transfer Function Display

4.2.2 Common-mode Rejection Ratio
and Input Voltage Range

The common-mode rejection ratio is defined as
the ratio of the input voltage range to the maximum
change in input offset voltage over this range, and
the input voltage range as the range of voltage on
the input terminals for which the device will operate
within specifications.

Fig. 4.3 (a) and (b) show circuits suitable for mea-

suring the above-mentioned parameter for the pA702
and pA709.

Resistors R,, R; and R,, R, set the amplifier volt-
age gain A; to 100 and provide the D.C. current path
to the input.

These resistances must be closely matched other-
wise different tolerances will affect the test.

For the pA702A the input signal change between
+ 0.5 and — 4 V (which is the minimum guaranteed
input voltage range) and the common-mode rejection
ratio (CMRR) is given by:

AVin 450
CMRR = =
AV(JU[ Avout

This is usual to express this ratio in dB and the-
refore this formula would be given by:

450

CMRR = 20 log

AVOUI
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R4
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TO SCOPE 100 K€
HORIZONTAL
Q INPUT B — TO SCOPE
==C, VERTICAL
+ [22uF ——O INPUT
+
v 6
+5V BAY74 LOAD/ NOTE: PIN 1 GROUNDED
1 KHz g "f
+
TRIANGULAR R, = PIN 8 TO V

3.9KQ J Rs PIN 4 TO V-
2.5 KQ
C, C, SOLID TANTALUM
(a) + 12
Ry

B — |
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+
B |—<.
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1 KHz S1 PIN 4 TO V-
TRIANGULAR 1 2
* SOLID TANTALUM
R, R,
10 KQ 2K (SPRAGUE TYPE 150 D
(b) 19/, 10/

OR EQUIVALENT

Fig. 4.2 - Circuit for Displaying Open-ioop Voltage Transfer Function, Measures Output
Voltage Swing, Open-loop Voltage Gain

Obviously for supply voltages lower than + 12V or
and — 6V proportionally less signal amplitude
should be used. 1600
F . . 20 log
or the pA709 the input voltage range is symme- AV
trical (£ 8V).

Therefore the CMRR is given by:

For a supply voltage lower than = 15V propor-
1600 tionally less signal amplitude should be used.

AVg,
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NOTE: PIN 1 GROUNDED

R
PIN 8 TO V+ 4 Rs
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Fig. 4.2 - Circuit for Displaying Open-loop Voltage Transfer Function, Measures Output

Voltage Swing, Open-loop Voltage Gain

OR EQUIVALENT)
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Fig. 4.3 - Circuit for Measuring Input Common Mode Rejection Ratio and Input Voltage Range
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RI
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Fig. 4.4 - Circuit for Measuring Input Offset Voltage and Power Supply Sensitivity

4.2.3 Input Offset Voltage

The input offset voltage is defined as the voltage
which must be applied between the input terminals

to obtain zero output voltage (WA702A and pA709) or
a logic threshold voltage (uA710 and pA711).

The input offset voliage may also be defined for
the case where two equal resisiors are connecied
in series with the input leads.

Fig. 4.4 (a) and (b) show the circuits to measure
this parameter for the pA702A and pA709. For good
sensitivity it is preferable to make R; at least 100
times greater than R, so that the oscilloscope or
digital voltmeter used to read the output will be
able to operate on a convenient range.

Resistor R, should be kept at the lowest feasible
value to prevent current offset from superimposing
its effect on the voltage offset measurements, 50 Q)
is a suitable value.

The input offset voltage is obtained by

VOU t

Vof fset —

100

With S; open, the effective source resistance is
increased by 2 k() for the pA702A and by 10 kQ
for the pA709.

Fig. 44 (c) and (b) show the circuits used to
determine the input voltage offset of the pA710
and pA711.
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The procedure is simple: obtain the logic voltage
threshold at the output, adjusting Vs and read this
voltage.

The input offset voltage is given by:

Therefore the value of Vs, expressed in volis
gives the input voltage offset in millivolts.

Finally, with S; open the effective source resistan-
ce is increased to 200 Q.

R, Vo For the pA711 the measurements must be repeated
Vot = Vao = — for each side, with the other side disabled and with
R;+R, 1000 the strobe terminal connected to ground.
NOTE: PIN 1 GROUNDED
PIN 8 TO V+
PIN 4 TO V-
(c)
R, R,
10 KQ 10Q
VAD
Ry
Wr———ll NOTE: PIN 1 GROUNDED
PIN 10 TO V+
PIN 5 TO V-
HI
(@) 100
Ry R,
10 KQ 100
VAD

Fig. 4.4 - Circuit for Measuring Input Offset Voltage and Power Supply Sensitivity
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4.2.4 Input Offset Current

Input offset current is the difference between the
currents into the two input terminals with the output
at zero voltage (uA702A and pA709) or at the logic
threshold voltage (uA710 and pA711).

Fig. 4.5 (a) and (b) show circuits to measure the
input offset current for pA702A and pA709.

The D.C. output voltage is given by:
VOUT = loffsel R2 + Voffset

Obviously the source resistance R, = R; is cho-
sen so that the term .. R, is greater than the volt-
age offset: in such a condition the above-mentioned
relation becomes:

VOUT

Ioffset =

R,

The capacitors C, and C, should be of the very
low leakage type and capable of efficient operation
at high frequencies.

Fig. 4.5 (c) and (d) show circuits suitable to deter-
mine the current offset for the pA710 and pA711.
The procedure is very simple: V, has to be adju-

sted until the output level reaches the logic thre-
shold. The input offset current is given by

Va
lottse = — since R, has been chosen so that the
R,

influence of the offset voltage is negligible.

For the pA711 the test must be repeated for each
side, with the other one disabled, and connecting
the strobe lead to ground.

NOTE: PIN 1 GROUNDED

{a)

PIN 8 TO V+

PIN 4 TO V-

out

C; DISC CERAMIC

02
0.01 uF
0.01 uF G,
NOTE: PIN 7 TO V+
I
PIN 4 TO V-
I
—
——OE,
(b) 8
3 1-/1
C, 200 pF
0.01 pF R,| | 5nF
1 MQ
1.5 KQ2

Fig. 4.5 - Circuit for Measuring Input Offset Current
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NOTE: PIN 1 GROUNDED
PIN 8 TO V+
PIN 4 TO V-

VA0

()
NOTE: PIN 1 GROUNDED

PIN 10 TO V+

PIN 5 TO V-

-

v, O

(d)

Fig. 4.5 - Circuit for Measuring Input Offset Current

4.2,5 Input Bias Current

Input bias current is defined as the average bet-
ween the two currents flowing into the input termi-
nals.

This value may be obtained using a D.C. current
meter connected in series with one of the two
paralleled resistors R; and R,.

If R, and R, are equal and the internal resistance of
the D.C. current meter is much lower than R, and
R, the resistors divide the input current into two
equal halves.

The meter indicated value is therefore the direct
value of the bias current.

Bias current is defined for a certain value of
supply voltage and at a fixed ambient temperature.
The full scale of the D.C. current meter and the values
of the resistors R, and R, depend on the particular
integrated circuit as shown in Fig. 4.6 (a) (b) (c) (d).

Finally, for the dual differential comparator pA711
the test must be repeated for each side, with the
other disabled, and with the strobe to ground.

NOTE: PIN 1 GROUNDED

PIN 8 TO V+
PIN 4 TO V- _
2
RA702
+
3
R2
100 KQ
1%

(a)

Fig. 4.6 - Circuit for Measuring Input

PIN 7 TO Vg+
PIN 4 TO V-

Bias Current
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426 Supply Voltage Rejection Ratio . varied by a known amount AV (£ 10% of nominal
value would be reasonable).

Defined as the ratio of the change in input offset The change in input offset voltage expressed in
voltage to the change in supply voltage producing microvolts is read and the value of the Supply Volt-
it. age Rejection Ratio (SVRR) is calculated from the

. relationshi \

The circuits of Fig. 4.4 may be used to measure atl IpAV oY)

this parameter. offset\ bk
P ) SV\SRR= —M8M8M8M8M

The positive or negative supply, or both, are AV(V)

NOTE: PIN 1 GROUNDED NOTE: PIN 1 GROUNDED
PIN 8 TO V+ PIN 10 TO V+
PIN 4 TO V- —13 —{3 PIN 5 TO V-

HA710 uA711
+ 5 +]4
Rl RI
10 KQ I 10 KQ I
1%, R, 1% R,
10 KQ 10 KQ
@ ORL
(c) (d)
N
Fig. 4.6 - Circuit for Measuring Input Bias Current
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5. FREQUENCY COMPENSATION

5.1 GENERAL

Frequency compensation is both desirable and
necessary for many applications of integrated cir-
cuits which have been designed with high internal
voltage gains. Apart from stability considerations,
frequency compensation may be used to greatly re-
duce broad-band noise caused by the integrated
circuit itself (see appropriate Section) or fed in at
the input, if the bandwidth required by the amplifier
is small compared with the maximum bandwidth
obtainable.

Application of negative feedback to a high-gain
amplifier gives a circuit with characteristics depen-
dent almost entirely on the feedback elements.
The improvement in gain stability, phase shift, input
impedance, output impedance and linearity is pro-
portional to the amount of feedback. Thus, ampli-
fication to any degree of accuracy is possible with
sufficient feedback. Large amounts of feedback,
however, require that close attention be given to the
amplifier open-loop characteristics. Stable circuits
must have well defined open-loop gain and phase
responses to frequencies far above the band of
interest; 60 dB of feedback over a 10 kHz bandwidth,
for example, requires controlled open-loop charac-
teristics to over 10 MHz.

The frequency compensation networks required to
siabilise the feedback amplifier depend on, among
other things, the open-loop gain, the frequency
response characteristics and the impedance at the
compensation terminals of the amplifier. Specifi-
cation of limits for each individual factor which
affects the design of the frequency compensation
networks will give an unnecessarily restrictive re-
sult, since variations in these factors correlate to
some degree in an integrated circuit. [t is better to
treat the amplifier as a whole by specifying complete
networks which guarantee stability for the full di-
stribution of units.

in

BV,

out

Fig. 5.1 - A Simple Feedback Amplifier

The closed-loop gain of the simple amplifier

shown in Fig. 5.1 is given by:

AVO
A= ———— (1
1+ BA,
Where A, = Closed-loop voltage gain

Ao =
B

The quantity (1 + BA,,) is the amount of feedback
and is a direct measure of the improvement obtai-
ned in performance of the amplifier. This factor must
be greater than zero for all frequencies if the
circuit is to be stable. Hence the magnitude of loop
gain, BA,,, must be less than unity at the frequency
where the loop phase-shift is 180°. For realf, the
maximum amount of feedback is limited to the ratio
of the low-frequency value of A, and the value of
A,, ot the 180° phase-shift frequency.

Open-loop voltage gain
Feedback factor

52  uA702A OPERATIONAL AMPLIFIER

5.2.1 Lag Compensation

The open-loop gain and phase responses of a
typical pA702A amplifier are shown in Fig. 5.2 in-
cluding a straight line approximation to the actual
curve. The gain rolls off at the 0.8 MHz first break
frequency with a slope approaching 6 dB, per octa-
ve; a second break occurs at approximately 4 MHz,
and a third break at 40 MHz. The 180° phase-shift
frequency is about 14 MHz, so no more than 34 dB
of feedback may be applied without oscillation.

%
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z 8T | '
< -y [
(4] 60 'IMAXIMUM +~ - I
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B 20 1800 . . |1l
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Z
g Fig. 5.2 - Typical Open-loop Gain and

Phase Shift of the LA702A
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It would not be practical to use this much feedback,
however, since it is inevitable that the 180° phase-
shift will be exceeded by minor deviations in the
amplifier or external circuitry. Therefore, the limiting
phase for maximum feedback should be chosen less
than 180° by some definite margin to allow for varia-
tions in amplifier and circuit parameters.

Phase margins less than 90° will cause peaking in
the closed-loop response at the frequency where
the loop gain equals unity. This is because the
magnitude of the denominator of Equation (1) be-
comes less than unity due to phase shift in BA,.
The degree of peaking for various phase margins is
shown in Fig. 5.3. A satisfactory circuit should have
a minimum phase margin of 45° (less than 3 dB
peaking). Thus only 20 dB of feedback can safely be
applied to the basic amplifier.

Since the amplifier response is limited by internal
capacitances, little can be 'done to increase the
amount of feedback without purposely narrowing the
open-loop bandwidth. The simplest way of designing
a feedback amplifier which is stable with large
amounts of feedback is to shunt some signal point
in the circuit to ground with a single, relatively large,
capacitor. If the roll-off due to this capacitor begins
at a low enough frequency, the loop gain can be
made less than unity before other circuit elements
introduce additional phase shift. Since the maximum

+15 \5HASE MARGIN = 150
Pai
g 10 >/ X/aoo
]
= 5 450 —
5 2
E 0 ] 80°
> —~
o s N
> | N
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Fig. 5.3 - Peaking in Closed-loop Response
for Various Phase Margins

phase shift associated with a single RC network is
90°, the circuit cannot become unstable.
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Fig. 5.4 - Circuit Diagram of the p1A702A
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Fig. 5.5 - Frequency Response of the 1A702A with Simple Lag Compensation
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A point within the pA702A has been made avai-
lable to facilitate this method of bandwidth narro-
wing. The circuit diagram of the amplifier is shown
in Fig. 5.4; a capacitor connected from the lag com-
pensation terminal to ground attenuates the high-
frequency signals at the base of TR;, giving the
necessary roll-off in response. Fig. 5.5 shows the
open-loop response of an amplifier using this fre-
quency compensation and gives curves for various
closed-loop gains.

Since the closed-loop circuit cannot supply more
gain than is available from the amplifier itself, the
closed-loop response intercepts and follows the
open-loop gain curve at high frequencies, as shown
in Fig. 5.5. Clearly, this circuit does not give maximum
closed-loop bandwidth. It is ideal for D.C. appli-
cations, however, since frequencies above a few
hundred cycles are ordinarily of little interest. The
early roll-off in high-frequency gain not only reduces
the broadband noise but makes the circuit less

Maximum feedback over wide bandwidths can be
obtained by using the natural roll-off of the ampli-
fier to provide part of the compensation. This
technique is illustrated by the circuit and loop gain
response shown in Fig. 56. The series RC com-
pensation network gives a roll-off in loop gain
beginning at some lower frequency and breaking
out at the natural roll-off frequency of the amplifier.
The amplifier internal roli-off then provides the ad-
ditional attenuation necessary to bring loop gain
through unity with an adequate phase margin. This
scheme gives the widest possible bandwidth for any
value of closed-loop gain.

The values of the compensation components
depend upon the loop gain, phase margin, and am-
plifier internal characteristics. The attenuation in
loop gain from the compensation network is equal
to the ratio of the internal resistance at the compen-
sation terminal and the series compensation resistor;
thus:

\ ) - o Ri
susceptible to instability caused by capacitive loa- Ac=— )
ding or stray capacitances in the feedback circuitry. R,
+80
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Fig. 5.6 - Compensation for Maximum Bandwidth with Lag Network
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Where A. = Attenuation in loop gain from
compensation network
R, = Amplifier internal resistance at the
lag compensation terminal

The total attenuation from both compensation
amplifier roll-offs must be equal to the low-frequen-
cy loop gain.

BAwm = AA, (3)
Where
A, = Magnitude of low-frequency loop gain

with some source resistance
Attenuation in loop gain from the am-
plifier internal roll-off for a given phase
margin

Avom

Therefore, the required value of compensation
resistors is:

A,

BAvom

The breakout frequency of the compensation net-
work response should be made equal to the ampli-
fier natural roll-off frequency for maximum feedback
bandwidth, hence the value of the compensation ca-
pacitor is:

1

C] -
ZthOR]

Where f, = First break frequency of the open-
loop response.

A generalised feedback circuit for the amplifier is
shown in Fig. 5.7

Single-ended signals may be applied to either
input terminal if the resistor at the unused input is

Rf
| |
L S |
INVERTING
INPUT s .
T 2
Vi, & R, | vATO2A 7 L——OVM

NON-
INVERTING
INPUT

Fig. 5.7 - General Feedback Circuit

returned to ground. The total D.C. resistance to
ground from each input should be equal for mini-
mum D.C. offset at the output. The loop for the cir-
cuit of Fig. 5.7 is given by:

1 AomRin
BAvom =
Rf RfRs
1+ — Rn+2——m—
R. (Ri + Ry
...... (6)
Where A,,, = Open-loop low-frequency gain

measured with zero source
resistances

Rin

This compensation will give stable closed-loop
gain for the full production distribution of units.

= Input resistance

Fig. 5.8 - Frequency Response of Amplifiers with Lag Compensation
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Examples of the closed-loop response obtained,
using the recommended frequency compensation, are
given in Fig. 5.8. The bandwidth can be expected to
vary from 4 MHz to 10 MHz with less than 3 dB of
peaking, depending upon the particular unit.

The source and feedback resistors should be kept
as small as possible for maximum bandwidth. High
resistances reduce the bandwidth because of finite
amplifier input resistance and stray capacitance
shunting the feedback resistor. If maximum band-
width is not required, additional stability margin
can be obtained by reducind R, and increasing C,.

The frequency response of the pA702A is pri-
marily a function of the collector-base capacitance
of the integrated transistors, resistance values and
the stage gains. Since these parameters are tempe-
rature sensitive, the bandwidth will change with
temperature. Even though the absolute value of
bandwidth varies, the ratio between the break fre-
quencies does not change much. Thus, the circuit
will be stable over wide temperature ranges. The
change in closed-loop bandwidth with temperature
is approximately — 0.5% per degree centigrade for
low-source resistances, as shown in Fig. 5.9. With
high-source resistance, the bandwidth variation is
offset by the change in loop-gain due to the tempe-
rature coefficient of the amplifier input resistance;
hence, the relative change in closed-loop bandwidth
is much less.

The effect of changes in the negative supply volt-
age on the bandwidth is shown in Fig. 5.10. If much
variation in voltage is expected, the values of the
compensation network components, as given in
Equations (8) and (9) should be adjusted to give an
adequate phase margin for the largest supply volt-
age anticipated. Dividing R, and muitiplying C, by a
factor of 1.5 to 2 will guarantee stability for volt-
ages up to —9 V.
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Fig. 5.9 - Effect to Temperature on Response of a
Lag-Compensated Amplifier
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The bandwidth is not significantly affected by the
positive supply voltage.

Excessive capacitive loading at the output of the
feedback amplifier may cause peaking and possible
instability. The capacitance breaking with the am-
plifier output resistance produces additional phase
shift at the unity loop gain frequency, decreasing the
phase margin. Since the compensation network is
at the base of the output transistor, it reduces the
high-frequency output impedance and makes the
circuit less sensitive to capacitive loading. The ef-
fect of the load capacitance on the unity-gain am-
plifier is shown in Fig. 5.11. Selection of the compen-
sation network values for stability with high capaci-
tive loading may be done the same way as for supply
voltage variations.

Equation (6) shows that the open-loop gain is
decreased by circuit resistances which are larger
than the amplifier input resistance. This affects the
values of the compensation components if the widest
possible bandwidth is desired. However, since R,,
varies greatly with temperature, it is best to design
the compensation network assuming that the loop
gain is a maximum; this ensures stability for all
conditions at the cost of some bandwidth with high
circuit resistances. This is also important because
high circuit resistances make stray capacitances
more dominant. Therefore, using Equations (4) and
(6), and assuming that

2R,R¢
Rin>>

R+ R

the expression for the compensation resistor beco-

mes
A,
R] = R;
Aom

Ry
1+ —
R;
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Since variations in the terms R;, A,, and A, are
correlated to some degree, a compensation network
design using individual limits for these parameters
would be unnecessarily restrictive. It is better to
specify the compensation taking the entire quantity

Aa
Ri

Aom
as a single variable. Thus the distribution of this
quantity, rather than the distribution of the separate
terms, should be used in determining the values of
the compensation components. Measurement of a
large number of circuits gives the following design
equations for the compensation network:

R
R, =20 1+ —

f]ﬂ

R,
0.01
C] = uF ....... (9)
Ry
14+ —
R,
5.2.2 Input Lag Compensation

A significant disadvantage of frequency com-
pensating near the outiput of the amplifier is that
the maximum high-frequency output voltage swing

Fig. 5.11 - Effect of Load Capacitance on Response of a Unity- Gain Lag- Compensated Amplifier
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is reduced by the compensation network Fig. 5.12.
Since the compensation terminal is at a high-impe-
dance, high-signal level point within the circuit,
shunting the load impedance of TR, (Fig. 5.4) with
the compensation network produces a proportional
decrease in the peak undistorted voltage swing of
this stage. Hence, full output swing can be obtained
up to only the compensated open-loop bandwidth
of the amplifier.

This limitation may overcome by placing the com-
pensation network at a low level point in the system.
Connection of the network across the input termi-
nals, as in Fig. 5.13, permits the full output swing
capability of the amplifier to be utilised. The atten-
uation in loop gain from the input compensation net-

work is given by:

2R.R¢
[ R+ R¢ (10)
AR J R

A =
[ R, [ Rin+2

R, +Rs

121

> 14 — . ——
- v+ =12V
g 12 V- =—6VR_= 100 k{2
2 ~—
L & SITTo
o gt | ! W ‘L
5 o o =) 3
O Gl e ) o |||
s TTTTE\ 3\ 5
o 4 =) ® ?\ N
O ‘,S\, N\ A\ ©
= Z ) z
, 2 2 o)
x 2 \ N %)
< o PN 2N
a o0 i il Nl

100 1k 10k 100k 1M

FREQUENCY - Hz

Fig. 5.12 - Output Voitage Swing as a Function

of Frequency for Various
Lag Compensation Networks




section 5 continued
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Fig. 5.13 - Amplifier with Lag Compensation at the Input
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From Equations (3), (5), (6) and (10), the compen-
sation components are:

A,
Ro=2Ry—— . (11)
Aom
Aom
Co=—— (12)
AT RA,

These expressions show that the input compen-
sation gives another advantage in addition to full
output swing capability; the compensation is inde-
pendent of the amplifier input resistance. This means
that changes in input resistance will not affect the
closed-loop bandwidth. Also, there will be less

spread in bandwidth from unit to unit since the
variations caused by R; are eliminated.

The values for the compensation components are
found in the same manner as for output lag com-
pensation.

Re=5RQ i (13)
0.04

C, = wF (14)
Ry

where R is in kilohms

5.2.3 Lead Compensation

Only lag compensation methods have been di-
scussed so far. The pA702A, however, has an ad-
ditional compensation point which can be used to
put some leading phase shift into the open-loop

Fig. 5.14 - One-loop Frequency Response of A702A with Lead Compensation
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response and thus increase the useful bandwidth by
about 2 octaves. Connecting a small capacitor
across the lead-lag frequency compensation termi-
nals (see Fig. 5.4), effectively moves the second
break point in the open-loop frequency response to
a much higher frequency. This gives a frequency
response shown in Fig. 5.14, about 30dB of feed-
back may be used for a 45° minimum phase margin.
Thus 10dB more feedback can be obtained than
for lag compensation only, and the bandwidth is

The optimum value for the lead compensation ca-
pacitor is about 50 pF to 100 pF.

Closed-loop gains less than 40 dB require additio-
nal lag compensation. This is best placed at the
input, both to reduce the effective input impedance
and to maintain a large high-frequency output swing
capability. The design equations for the lag com-
pensation components are:

about four times as large. R, =20R&Y (15)
Rf
| p—1
10k
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Fig. 5.15 - Frequency Response of Lead Compensated Amplifier
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Examples of the closed-loop responses obtained,
using both lead and lag compensation are shown
in Fig. 5.15. The bandwidth will vary from 12 MHz
to 40 MHz depending upon the open-loop gain and
bandwidth of the particular unit.
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With the large bandwidths possible using this
compensation, it is extremely important to keep the
impedance levels low to avoid undesirable effects
due to stray capacitance. Cnly 0.5 pF across a 30 k)
feedback resistor, for example, will reduce the
bandwidth to 10 MHz.

The relative change of bandwidth with tempera-
ture is shown in Fig. 5.16. The independance of band-
width from source and input resistances is evident.
The effect of negative supply voltage, Fig. 5.17, is
about the same as for output lag compensation.

The circuit is considerably more sensitive to capa-
citive loading, however, since the bandwith is so
much larger. The peaking due to load capacitance,
see Fig. 5.18, may be reduced by shunting the feed-
back resistor with a very small capacitor or by in-
creasing the lead capacitor to about 500 pF. This is
effective if the load capacitor isn’t too large and is
relatively constant. For load capacitances greater
than about 100 pF, it is best to increase the phase
margin by dividing R, and multiplying C, by a factor
of 2 or more.

67 ——OV

Fig. 5.18 - Effect of Load Capacitance on Response of a Unity-Gain Lead-Compensated Amplifier
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5.2.4 Other Circuits

The design equations derived for the frequency
compensation networks are sufficiently conservative
to guarantee stability for the full production distri-
bution of 1A702As. For certain specific applications
or for a few selected units, it may be advantageus to
experimentally determine the optimum compensation
for maximum bandwidth. The proper procedure is to
measure the loop gain response with the circuit
of Fig. 5.18, adjusting the compensation for the
desired phase margin at the unity loop gain point.

Thus maximum bandwidth can be obtained for
given conditions of supply voltages, temperature,
loading, and other circuit variables.

The compensation components for operation at
+6V and —3 V supplies are readly colculated for the
+ 12V and — 6V values. The open-loop frequency
response and internal impedances are fairly con-
stant with alteration of supply voltages; the only
important change is that the open-loop voltage gain
is about 10dB less. Hence, the proper values for
the lag networks may be found by multiplying R and
dividing C by a factor of 3. The 50 pF lead compen-
sation capacitor remains the same. Following this
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procedure gives essentially the same bandwidths
and stability margin as for high-voltage supplies.

The output should be monitored with a high-gain,
wide-band oscilloscope to make sure that the cir-
cuit is not oscillating before proceeding with the
measurements.,

Fig. 5.19 - Circuit for Measuring Loop-Gain
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5.25 « Slewing » Rate versus Noise
Considerations

It has been shown in the previous paragraphs that
the wA702A may be frequency compensated by ha-
ving an RC network placed between the lag terminal
and ground or across the input terminals (between
pins 2 and 3). The choice of either of these solu-
tions with the appropriate values for the network
enables the same bandwidth for the amplifier to
be obtained. However, the resulting characteristics
of the amplifier, with regard to noise and rate of
output voltage swing (slewing rate) are very dif-
ferent.

The frequency response characteristics of an am-
plifier having a large output signal swing can be
described as the « slewing rate » (V/usec.) or the
response for full output swing. The «slewing rate »
is defined as the maximum gradient for the rate of
change of output voltage. With knowledge of the
response at full output, a maximum frequency may
be specified for which it is possible to have an und-
istorted sinusoidal output voltage equal in ampli-
tude to that at low frequency. Obviously these two
parameters are correlated.

The largest value of slewing rate is obtained with
compensation at the input, the smallest value with
compensation at the output, while with a combined
form of compensation it is possible to cover the
intermediate values.

In order to investigate the effects on «slewing
rate » according to the position of the compensation,
suppose that a square wave is injected into the input
of an amplifier compensated at the output, with suf-
ficiently small amplitude to maintain the amplifier
working in a linear region. Under these conditions,
due to the effect of negative feedback, the output
rise-times are determined by the shape of the closed-
loop passband.

If the amplitude of the waveform, at the input, is
increased beyound the value for which the output of
the amplifier is linear, the effect of the feedback
resistor becomes almost negligible; the thing which
determines the rise-time, for positive-going signals,
is the time constant R;C, (i.e. the open-loop pass-
band of the compensated amplifier), and for nega-
tive-going it is the maximum current which is able
to be absorbed by the transistor TRs. (See Fig. 5.4
and 5.20 (a) in which C, is the compensating capac-
itor).

It can be seen that transposing the compensation
from the output to the input improves the «slewing
rate » since the amplitude of the signal is progres-
sively reduced, whilst the compensation RC time-
constant value remains fixed.

Considering the case of the pA702A with com-
pensation directly across the input terminals, the
rise-time for an output square wave of small ampli-
tude is determined by the closed-loop frequency
response whilst for large signals it is limited only by
the open-loop frequency response of the uncom-
pensated amplifier.

Where a combined compensation is used (Fig.
5.20 (b) and (c) ), it is the capacitor C, at the output

which determines the characteristics of the «sle-
wing rate » (slower than with compensation only at
the input). Nevertheless, since C, is smaller in value
than G, in Fig. 5.20 (a), a better response is obtained
than in the case of only the single compensation
network at the output.

The noise characteristics are also dependent on
the position of the compensation networks. The best
characteristics are obtained with compensation at
the output, in which case, the noise and signal are
attenuated to the same extent.

Compensation at the input, on the other hand,
appreciably worsens the signal-to-noise ratio, since
the RC compensation network acts only on the
signal, whilst not attenuating the noise introduced
within the various stages of the amplifier. Hence, in
this case, a combined form of compensation gives
an intermediate characteristic between those of the
two previous cases.

It may be seen that the use of lead compensation
alone (i.e. placing a capacitor of 50 pF to 100 pF
between pins 5 and 6 — see Section 5.2.3) does
not sensibly alter the characteristics from that of an
open-loop amplifier.

In Fig. 5.20 (a), (b), (c) and (d) are shown the
circuits for inverting amplifiers with closed-loop gains
of ten and with a passband of approx. 5 MHz.

They differ only in the type of compensation. The
formulae for the component values are shown
beside each figure and are calculated taking into
account parameter tolerance in the pA702A as
described in Sections 5.2.1 and 5.2.2,

In the case of the combined frequency compen-
sation as shown in Fig. 5.20 (b) and (c) the formulae
are derived as follows.

The first time-constant (break-point frequency f, of
the compensated response curve) is determined by
the capacitance C'; thus:

C’, equals G,

The resistor R’,, used in conjuction with capacitor
C',, gives the choice of introducing a «zero» at a
frequency between f, and f, (where f, is the first
break-point frequency of the open-loop response).

fo
Putting f, = — the resistance R’, is given by:
K
R, = KR,

where the limits for variation of the constant K are
defined by the relationship:

fy <f, <f,
Thus giving:
1 fo f°
f, = = =
47 R,Rs Rs Ao Rs
-G, . - 200
R.+ R R.+R: A, R, + R
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(d)

Input Lag Compensation

Fig. 5.20 - Frequency Compensation Networks for a x10 Amplifier
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From these equations the limits of K may be re-
written as:

R,

200 >K>1

R.+R;

The capacitor C’, gives the choice of introducing,
in conjuction with resistor R,, a «pole» at the

fo
frequency — from which
K

"
Cy = = 50 KpF

QthO/KRi

The resistor R'y, together with capacitor C’;, must
introduce a « zero » corresponding to the appropriate
break-point frequency (f,) of the amplifier. Thus:

R 4000

2nf,C 1 K K
enfy ———
27fo/KR;

As in the previous cases examined, if a larger
stability margin is required it is sufficient to increase
the capacitor value and reduce the resistance by the
same factor.

THE EXPERIMENTAL RESULTS

Table 1 shows the measured noise characteristics
and «slewing rate » for the amplifiers of Fig. 5.20.
These give excellent experimental confirmation of
the considerations discussed in the previous pa-
ragraphs.

It can be seen how the noise is increased by a
factor of 10 by transposing the compensation from
the output to the input, whilst the large signal output
voltage increases to coincide with that of the open-
loop amplifier. In addition, it can be seen how
combined compensation gives a reasonable com-
promise between various requirements.

Finally, it must be realised, that the change in
characteristics between case (a) and case (d), very
noticeable where the gain is 10, is progressively
reduced with increase in closed-loop gain and
shows a maximum difference for an amplifier ap-
proaching unity gain.

Thus, it is the compensation capacitor which, for
the most part, is responsible for the noise and « sle-
wing rate » characteristics becoming increasingly
so with reduction of closed-loop gain.
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Noise referred
to the Input
(measured Response at .
Type over an full Slewing
: Output Voltage  Rate
effective Swi 5V
bandwidth of SWNd (£5V)
1.57 MHz)
uV eff KHz V/usec.
a 14.8 10 0.35
b (K=10) 32 20 0.7
¢ (K=5) 53 40 1.5
d 170 800 30
Table 1 - Dependance of Amplifier Characteristics
on Position of Frequency Compensation

5.2.6 Special Precautions

Most problems encountered in the use of the
wA702A are caused by poor circuit layout and ina-
dequate power-supply bypassing. It should be kept in
mind that the amplifier is potentially unstable to
almost 100 MHz since it has greater than unity gain
below this frequency. Therefore, care should be ta-
ken in connecting the amplifier to external equipment
to make sure that prasitic oscillations do not occur.
This applies to D.C. circuits as well as to 30 MHz.
amplifiers.

Of particular importance is power-supply bypas-
sing, as is the case with any high-gain feedback
amplifier. Positive feedback through excessive im-
pedance in the power supplies may cause very high
frequency internal oscillations in the amplifier. This
type of oscillation generally makes itself known by
unreasonable D.C. performance of the amplifier, i.e.,
the output now may be extremely sensitive to power
supply voltage changes, common-mode inputs or
signal polarity. Bypassing the power supplies imme-
diatly adjacent to the amplifier lead-out wires with
0.01 uF to 0.1 uF low-inductance capacitors should
eliminate this form of possible instability.

If the circuit layout is not neat, stray capacitance
from the output to the inputs may cause excessive
peaking in the response or actual oscillations. Even
with a neat layout, the unavoidable stray capacitance
may cause problems if the source resistances are
high. This may be cured by using an inverting amplifier
configuration and bypassing the non-inverting input
to ground with 50 pF to 100 pF. This remedy cannot
be used if the compensation network is at the input,
however, but in this case the network reduces the
effective input impedance so that stray capacitance
is less critical.

Some difficulty may be experienced when thermal
tests are performed on the amplifier. The capacitive
coupling between the long leads from the thermal
test jig to the external circuit components can make
the amplifier hard to stabilize. Under these circum-
stances it is mandatory to keep the leads as short
as possible, with connections to the external circuitry
made immediately outside the temperature chamber.
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The frequency compensation network should be very
conservative, and may be mounted directly on the
amplifier socket together with the power-supply
bypass capacitors.

5.3 nA709 OPERATIONAL AMPLIFIER

5.3.1 Lag Compensation

Practically all operational amplifiers require a fre-
quency response compensation.

Two compensating points are provided in the
wA709 element because of its high voltage gain;
in fact it is normally difficult to obtain more than
60 dB attenuation with only one RC network.

The compensating points chosen feature a high
internal resistance so that the amplifier can be
compensated with small external capacitors.

The pA709 device cannot be used in open-loop
configuration without any compensating network,
because oscillations occur.

To avoid this drawback two capacitors are requi-
red: one C, = 10 pF between pins 1 and 8 and the
other C, = 3pF between pins 5 and 6 (Fig. 2.32
Section 2.5.3).

This is due to an internal feedback network (com-
prising Ry and Ry5) and to ihe difficuity of avoiding
parasitic osciilations in amplifiers with a high gain
at high frequencies.

The frequency compensation is obtained by an
RC network connected between pins 7 ana 8 and a
capacitor C, between pins 5 and 6 (Fig. 5.21).

o0—=
INV. INPUT

o—°,
NON INV. 1
C,

R

ouT

Fig. 5.21 - Frequency Compensation Circuit

Capacitor G, introduces a pole in the open-loop
network at a frequency given by:

1

2nC AR,

where;

R;, is the resistance between pin 1 and ground.

A, is the pA709 second stage voltage gain (TR,
TRe).

Resistor R, in series with capacitor C, introduces
a zero at a frequency:
1
2TIC1R1

Imiting the high-frequency attenuation introduced by
ithe R, G, network at a value defined by:

Ril AZ
AC = e e (3)
R

The amount of such an attenuation is kept con-
stant in different cases.

Finally, capacitor C, is chosen in order to intro-
duce a pole at frequency f, such as to eliminate the
effect of the zero introduced by resistor R, and to
allow an open-loop response with an unity slope
(20 dB/dec).

Hence:

1
Crmm—— )
2’th2Ri 5A4

where:
Ris is the resistance between pin 5 to ground.
A, is is the last-stage-but-one (TR;;) voltage gain.

The total attenuation introduced by the compen-
sation networks has to be equal to the loop-gain,
hence

fa
BAvom = Ac Aa -
fi

where:

A.m is the voltage gain with the source resistance
Rs:

A, is the attenuation due to the output compensa-
ting network;

f. is the frequency which makes the loop-gain
equal to 1.

At frequency f, the amplifier has to show a phase
margin enough to avoid oscillations or overshoots
in the step response.
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Solving the previous equations with respect to R,,
S, and G, we obtain:

5-107®
Cl=—uF . (6)
R
1+ —
RS
210
02 - [J,F .......... (7)
Ry
14+ —
Rs
R, = 1.5 kQ)

The amount of the attenuation A, which is con-
stant for the different conditions, and hence the
value of R,, has been chosen in order that the
frequency compensation does not appreciably affect
the amplifier noise performance, and that capacitors
C, and C, have roughly the same effect on the sle-
wing rate.

Fig. 5.22 shows the small-signal open-loop gain
for different values of the compensating network
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" Fig. 5.22 - Open-Loop Frequency Response
for Various Values of Compensation

It should be noted, that in presence of very small
capacitive loads (50 pF - 100 pF) oscillations at very
high frequency (10 - 15 MHz) often occur.

Such oscillations generally happen only when the
NPN transistor TR, is conducting.

These oscillations are due to the internal feedback
provided by resistors R; and Rys and can be elimi-
nated by connecting a 50 {2 resistor in series with the
pBA709 output: this sufficiently insulates such an am-
plifier from capacitive loads.

This resistor does not appreciably affect the in-
tegrated amplifier performance and introduces only
a slight increase in output impedance (from 150}
to 200 ().

The frequency compensation described, is sui-

~ table in many respects: (small capacitance, values,

independence from external resistance values, ne-
gligible influence in noise performance) but has the
drawback of reducing the maximum output swing
at high frequency.

Fig. 5.23 shows the maximum peak-to-peak volt-
age as a function of the frequency which can be
obtained at the output for different values of com-
pensation networks.

The slewing rate is about 0.3 V/ysec. for a
20 dB/decade slope, over the unity gain peint.
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Fig. 5.23 - Output Voltage Swing as a Function
ot Frequency for Various Compensation

Networks

5.3.2 Input Lag Compensation

In many applications, however, the reduction in
output swing at high frequencies, due to the com-
pensation already described, is unacceptable.

This limitation can be overcome using a compen-
sation network, connected to the input pins, in ad-
dition to the ones connected between pins 1 and
8, 5 and 6, designed for the minimum values:

C, = 10 pF R, =0 C, = 3pF

The attenuation in the loop-gain introduced by the
compensation network connected to the Input pins,
and comprising capacitor C; in series with the
resistor Rs, is as follows:

- 2R.Rs
Al ——— (8)
(R, +Ri)R,
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Hence from equations 5 and 8 we obtain:

A,
Re=2 — R =20R ()  «ooo... (9)
A,
A, 9
C; = =— () (10)
4R R

where R; is expressed in kilohms. -

5.3.3 Intermediate Frequency Compensation

The input compensation, even though it improves
the intrinsic slewing rate characteristic of the device,
causes a worsening of the amplifier noise perfor-
mance; which is considerable when the closed-loop
gain approaches unity.

This is the reason why, in many cases, the use of
compensation, which is a compromise between noise
and slewing rate performance, is preferred.

A simple way to design the new networks is to
choose C, and C, to obtain the required slewing rate:
the necessary attenuation and stability with frequen-
cy being obtained by use of the network connected
to the input.

Equation (8) gives the design criteria for the va-
lue of R; while the value of C; can be obtained
from (10).

The amount of attenuation introduced by the RC
network connected to the input indicates how the
noise performance deteriorates.

Table 2 shows the experimental results of the
unity-gain inverter amplifier shown in Fig. 5.24, for
all the aforementioned configurations.

Fig. 5.24 - Unity Gain Inverting Amplifier

. INTERMEDIATE
Kind of LAG INPUT LAG
compensation COMPENSATION COMPENsATION " AEBUENCY T
R, = 1.5 kQ Rs =390 Cs; = 047 pF
C, = 5000 pF C, =047 pF Rs = 1kQ
C, = 3pF R, =15kQ
R1 =0 Cg =10 pF
Bandwidth (— 3 dB) 500 500 500 KHz
Full power response 45 300 80 KHz
Slewing Rate 0.3 22 6 V/usec.
Noise Voltage 0.03 20 1.3 mVp-p.
Table 2
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5.3.4 Frequency Response with a Slope
Higher than 20 dB/dec.

In the preceding paragraphs, amplifiers having a
unity slope (20 dB/dec.) frequency response have
been considered, because the ones with a greater
slope are, at first sight, more difficult to stabilize even
if they offer some advantages with respect to con-
ventional amplifiers.

The stabilization difficulties can be easily overco-
me with amplifiers having a frequency response slo-
pe of 40 dB/dec. for high gain values (=40 dB), and
a slope of 20 dB/dec. near the unity gain.

Fig. 5.25 shows the frequency response in both
cases for the pA709 device, and the component
values of the compensation networks.

It is evident that the amplifier with a slope greater
than 20 dB/dec. has a higher open-loop gain at low
frequencies.

Consequently in this region the amount of nega-
tive feedback is greater and hence it is possible to
have higher closed loop-gain stability, lower distor-
tion and a smaller output impedance.

The compensation capacitors are smaller, and
this means shorter recovery times and reduced
overall dimensions, therefore these amplifiers can
exhibit higher slewing rates and better noise perfor-
mance.

There are no problems concerning stability with
frequency when the closed-loop gain is approxi-
mately unity, but there are overshoots in presence of
step functions, and oscillations with higher gains.

These oscillations can, however, be eliminated by
a small capacitor C, connected in parallel with the
feedback resistor.

5.3.5 Other Circuits

The design criteria for the compensation network
described in the preceding paragraphs ensure the
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Fig. 5.25 - Comparison of 40 dB/dec and
20 dB/dec Open Loop Response of 1A709

maintenance of stability allowing for the 'spread’ of
parameters during manufacture of the semiconduc-
tors.

In some cases it might be convenient to use
systems whose performance is not so exacting in
order to achieve a larger bandwidth.

This is obtained, for instance, using the compen-
sation shown in Fig. 5.26 (a) which differs from the
one described in Section 5.3.1 because a resistor R,
has been connected in series with the capacitor C,
in order to compensate for the second pole which
appears in the open-loop frequency response of
Fig. 5.22.

Fig. 5.26 (b) shows the open-loop frequency re-
sponse with such a compensation; it is evident that
the improvement in both bandwidth and slewing rate
characteristics by almost a factor of 5, in conjuction
with a higher capacitive-load-sensitivity, is obtained.

ouT

Fig. 5.26 - Frequency Compensation Circuit for Wider Band and Open Loop Voltage Response
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Fig. 5.27 shows a unity-gain inverter amplifier citance. It feaures a bandwidth of about 2 MHz, a
designed according to these principles: the capacitor full-power response up to 20 KHz and slewing rate
C; = 3 pF compensates for the effect of input capa- of 1.5 V/usec.

20 kQ2

INO— 1—

10k

Fig. 5.27 - Wideband Unity Gain Inverting Amplifier
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6. NOISE

6.1 GENERAL

6.1.1 Introduction

The precise meaning of noise has various inter-
pretations but, as far as the electronic engineer is
concerned, it may considered to be any form of
unwanted signal present in a circuit. The ultimate
aim of this section is to provide sufficient information
in order that the quantity of noise present at the
point of interest in a circuit can be calculated, to-
gether with information as to the relative amount
contributed by the presence of the integrated active
device. Before this can be done, however, it is ne-
cessary that the engineer be familiar with the terms
commonly used when discussing noise. He should
also be aware of the relative significance of the pa-
rameters these terms describe and be given an idea
of the way in which they may be measured. With
a clear understanding of these things, combined
with an idea of the mechanism by which noise is
generated within an integrated circuit device, the
engineer should be in a position to design in order
to minimise the effect of noise.

in the initial parts of this section, the noise cha-
racteristics of an amplifier are discussed in terms
of the generalised theory concerning a four-pole net-
work. It is then shown how the integrated noise va-
lues can be obtained from the characteristics of the
single frequency noise voltage and noise current
parameters. Results are given in graphical form, from
which an estimate can be made of the noise figure
of an amplifier having an idealized frequency re-
sponse curve closely approximating those often met
in practical applications.

6.1.2 Noise Terminology

In order to provide a measure of the effect of
noise in a circuit, the concept of a signal-to-noise
ratio has been developed.

Signal-to-Noise Ratio (S.N.R.) is defined as the
ratio of the available signal power to the noise
power present at a specific point in the circuit, i.e.,

P P,
P, P,

(where S.N.R. is expressed in dB).

In order to examine the effects of introducing a
noise generating active network (e.g. an amplifier)
into a circuit, it is necessary to define further terms,
thus:

Noise Factor (F) defined as the input-to-noise ra-
tio divided by the output signal-to-noise ratio. Al-
ternatively, it may be defined as the ratio of the
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noise power output to noise power input divided by
the network power gain.

Psi Pno Pno 1
F = = — . (2)
Pni Pso Pni G
Where P,; = Signal input power
P, = Signal output power
P, = Noise input power
Pn = Noise output power
G = Power gain

It may be seen that the noise factor gives a figure
of merit for the active network and a measure of its
contribution to the overall signal-to-noise ratio since
it is independent of the signal-to-noise ratio present
at the input.

Noise Figure (NF) is defined as the logarithm of
the noise factor F expressed in dB i.e.:

NF = 10 Iogw F ..........
Note: Inconsistency exists over the usage of these ex-
pressions in literature on noise but, for the purpose
of this Section, the above definitions will be adhe-
red to.

The physical phenomena involving the random mo-
vement of free electrons in a conductor due to ther-
mal agitation, was originally offered by Johnson as
an explanation for the excess noise present in his
valve amplifier circuits.

The resultant sum of electron movement within a
conductor is not necessarily zero at any one instant,
although the integrated sum averages to zero with
time, in the absence of external influences (e.g.
thermal or electrical gradients). The current result-
ing from the electron charge movement develops
a voltage across the resistance of the conductor.
The important characteristics of the voltage or
« noise » is that its energy level has a constant di-
stribution with respect to the frequency spectrum.

Nyquist showed that the mean squared noise
voltage is given by:
€ = 4KTBgR i

K = Boltzmann’s Constant = 1.38 - 102 joules per
degree Kelvin

T = Temperature of conductor in degrees Kelvin
B, = Effective bandwidth of voltage

measuring equipment
R = Resistance of conductor in ohms

From this relationship, we can obtain the concept
of the Equivalent Noise Resistance. (R.,).
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By choosing an arbitrary temperature of 27°C
(300° Kelvin), an expression for the equivalent noise
resistance is obtained from:

e?, = 165 10-2B4R

Thus any noise source can be replaced by an
equivalent noise resistor (R.,) when:

e’ 10%
Reg = — —)
B.. 165

It is assumed that the noise source to be replaced
has an even distribution of energy with respect to
frequency over the bandwith considered. This type
of characteristic, as exhibited by the perfect theoreti-
cal resistor, is often referred to as « White Noise »,
based on the parallel concept of white light resuli-
ing from a combination of light energy from all of
the visible spectrum. It should be pointed out that
this would have a constant spectral density based
on energy per unit wavelength bandwidth, whilst so-
called white noise is defined as having constant
energy per unit frequency bandwidth. Since the re-
lationship between frequency and wavelength is
given by:

F=—
A

where v is the velocity of propagation, therefore

\
df = — A
A2

This demonstrates that equal increments of wa-
velength corresponds to decreasing increments of
frequency as the wavelength increases.

EZno (max)

E?%no

FREQUENCY

Fig. 6.1 - Amplifier Response Curve
and Equivalent Bandwidth
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Another useful term to define is Equivalent Noise
Bandwidth (B.,.). This is the width of an ideal band-
pass filter transmittance which has an absolute va-
lue equal to the maximum absolute of the transmit-
tance function under consideration and which
delivers the same mean-square total output voltage
(or current) from a white noise source.

As an example, Fig. 6.1 might represent the output
response of an amplifier stage having a white noise
input. Mean-square output voliage E?, is plotted
against frequency. The area under the curve re-
presenting the total mean-squared output voltage is
equal to the noise bandwidth multiplied by the maxi-
mum mean squared output voltage. This is expressed
mathematically by:

1 f=20
Boy = L 9)
E2no(max) f= e

Associated with any noise voltage e, from a
source of resistance R, is the concept of Available
Noise Power. This represents the maximum noise
power that could be delivered to a load resistance
R. where Fig. 6.2 (a) represents the equivalent cir-
cuit. For maximum power transfer, R. = R..

If the noise source is a resistance R, then maxi-
mum power available is given by:

But, from Equaton (4) we have: e_2,=4KTBequ
Therefore,

Po =KTB,e,
It will be noted that the available noise power as-
sociated with the resistance is independent of the
magnitude of the resistance generating the noise
and depends only upon the bandwidth and absolute
temperature. Further, it should be noted that this
power is not practically realizable since the resi-
stance R_ will also be at some finite temperature and,
therefore, will also have a noise voltage associated
with it.

It is useful to consider a signal e, in series with
its source resistance R, generating a thermal noise
voltage e,, see Fig. (6.2 (b). From Equation (1),
it can be shown that the signal-to-noise ratio is
given by:

e?, e

SNR=——=—+n—+— ... (12)
e? 4KTRB,,

From Equation (11), this can be re-written as:
Available Signal Power P.s

S.N.R. = = (13)
Available Noise Power Pan
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Fig. 6.2 - Equivalent Circuit for Maximum Available Noise Power

Hence, the available signal power is given by:

e’
PﬂS —

4R,
(where R, = R,)

Thus although the maximum S.N.R. would be given
by the condition R_ = infinity, when the circuit is
matched for maximum signal power transfer, the
noise across the load terminals has increased by the

1
ratio _\/: since R, itself contributes to the noise
2
voltage (assuming R, = R, and that both the resi-
stors are at the same temperature).

It can be seen that the signal-to-noise ratio has
been reduced by a factor of 0.5. The addition of a
matching load resistor, therefore, degrades the
S.N.R. by 3dB.

6.1.3 An Amplifier considered as a Four-pole
Network

Network theory shows that, in general, an ampli-
fier may be represented as a four-pole (quadripole)
network. More specifically a differential input, sin-
gle-ended output amplfier could be described as a
two-port, four-pole network.

The noise characteristics of this type of network
may be defined in terms of an equivalent noiseless
four-pole network combined with one current and
one voltage noise generator connected across the
input, see Fig. 6.3. The resultant, input referred, noise
parameters are therefore those of a noise voltage
generator with the input to the network short-circuit,
and a noise current generator with the input open-
circuit. These two quanties are usually in terms of
the root-mean-squared values per cycle.

\/_e—zn and \ 7,
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(i.e. typically microvolts or picoamps per cycle). The
values e%,A(f) and i%,A(f) would represent their re-
spective contributions to the total noise over a
frequency inteval Af. By measurement of these
parameters, the noise characteristics of an ampli-
fier represented as a four-pole network are defined
in terms of:

It is usual to find, for an amplifier manufactured
in integrated circuit form, that when 52_,1 and
i2, are plotted as a function of frequency, both
exhibit an energy spectrum proportional to 1/f at
low frequencies (attributable to «flicker noise »).

It is convenient to separate the noise parameters
into two components, one having an energy per
frequency spectrum that is approximately constant
and for which the relationship holds good to high
frequencies {equivalent to «shot noise ») and ano-
ther component which predominates at low frequen-
oy, having an energy density spectrum proportional
to 1/f. Equation (15) may be written in the form:

fi

92n = eQns-|-I eznﬂ -

fy
22 ;
In—lns+|2nf1—

Where e2,, €%, and iTns i2.¢ are able to be measured
experimentally up to a sufficiently high frequency for
?nz?ns and Eﬁi—i and down to a sufficiently low
frequency such that 2, ~e’, and i3, ~i%;

The Noise Factor (F) and hence Noise Figure
(N.F.) for the four-pole network (or amplifier) is

determined from the relationships shown in equa-
tions (2) and (8) of Section 6.1.2. The relationship
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between noise factor and the noise parameters ex-
pressed in terms of voltage and current is given by:

e, _  _ _ e | [é
F= |[|—+ i%Rstye, i,tT— — .. (17)
Rs RS RS
&
Where is the thermal noise power due to the
R,

source resistance (R;) and is evaluated from Equa-
tion (4) of Section 6.1.2. v is the correlation factor
between the two noise generators and is given by:

As a first approximation it can be assumed that

NOISY NETWORK

O 4//\/\ —a
A%
INPUT e? V17
o} &

O
NOISELESS
NETWORK OUTPUT
—o

Fig. 6.3 - Noisy Network is Characterised by an Equivalent Noiseless Network plus Noise
Current and Noise Voltage Generators

the two generators act independently and no cor-
relation exists (i.e. ¥ = 0), although this is strictly
true only for « shot noise ». Therefore Equation (17)
may be simplified and written as:

%, + i2,R%
F=1+—

4 KTRs

~ The Noise Figure (see Equation (3), Section 6.1.2)
is given by:

e?, +7.R2%

N.F. =10logy, |1 +

4 KTR;

The opimum value of source resistance Ry t0
correspond with the minimum noise figure (N.F.(min)
may be obtained by the use of standard algebraic
manipulation on Equation (19) involving differen-
tiation and equating to zero. This gives the result:

e,

RS(tzpt) = \/

i2

n

Substitution for Ry in Equation (19) gives:

e?.i?,
2 KT J

N.F.(miny = 10 10gso [1 -+
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if the source presenis a complex impedance (Z,)
then the expression i_z,,FPs in Equations (17) and (18)
is replaced byi_2n|Zs|2 If it is purely reactive (X,) then,
with reference to Section 6.1.2, it may be more
convenient to express it as:

e e

SNR. =

e2n(lo!al) e?;_;_zp(s'?
6.1.4 Evaluation of the Integrated Noise Factor
for a Four-pole Network

The total noise associated with a four-pole net-
work (and therefore an amplifier) depends not only on

its own noise characteristics expressed in terms of €2,

and i3, as shown above, but also on the source
impedance and shape of the overall frequency re-
sponse.

In order to evaluate the total noise, the integrated
noise voltage and current (ey and iy) must be cal-
culated from the relationships:

efy= f eL(f) A%y df (21)
f=0
[= o
in2|Zs)? = f BIZsOP AF df .. (22)
f=0
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Where A, (f) is the relative gain as a function of
frequency as given by the expression (Fig. 6.1 of
Section 6.1.2):

A(f)
Af) =

Alf)

For a purely resistive load, Equation (22) simpli-
fies to:

f= o

2y R% = R% f 2,(f) AZ(f) df
f=20

The integrated thermal noise voltage (eg) which
has a flat energy spectrum with respect to frequency,
is given by:

f= e
e = &% AL(fydf =eB,, ... ..., (24)
f=20

Where B, is the equivalent noise bandwidth (6.1.2
Equation (9) and Fig. 6.1).

Having calculated the values of e, i%, and e% as
above, the integrated noise factor, noise figure and
optimum source resistance are obtained by substitut

ing for ‘%, i, and €2, in Equations (17) to (20).

Analytical solutions for Equations (21) to (24) may
prove difficult to obtain due to the integration in-
volved and it Is often more convenient to carry out
graphical integration. If, however, the network noise
and frequency response characteristics can be ap-
proximated to fit idealized curves formed from
straight lines, then expressions in Equations (21) to
(24) can be suitably simplified, making analytical
solutions practical.

A frequency response common to many applica-
tions is where there is constant gain from low fre-
quency up to a higher «cut-off » frequency (f,) at
which the gain reduces at a rate of 6 dB per octave
(i.e. 20dB per decade). Fig. 6.4 shows the relative
gain response with the origin at a frequency
f; = 1 Hz. Using this approximation, the error due
to «shot noise » and «thermal noise » components
is negligible if:

f > 1

The characteristics of the « flicker noise » compo-
nent is not known at very low frequencies, but it is
thought that the 1/f relationship does not continue
indefinitely. In any case, extension of the lower fre-
quency limit would significantly increase the time
needed for making each noise measurement and
since the commercially-available measuring equip-
ment does not usually have a passband lower than
a few cycles per second, specifying a frequency
lower than 1 Hz would have little practicai signi-
ficance.
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It may be shown that for the frequency response
in Fig. 6.4, Equations (21), (23) and (24) may be ap-
proximated to:

T f
ehy=el, —f, + el - filoge —
2 1

o f
i2N'wizns - f2 + i2nﬂ ) flloge -
fy
T
efr~e’ —f,
2

These expressions facilitate rapid calculation of
the integrated Noise Factor, and hence Noise Figure,
with various values of source resistance and cut-
off frequency (f,).

a8 |

Fig. 6.4 - Frequency Response Used
for Noise Computation

6.1.5 Noise Voltage and Current
Measurement Methods

The overall noise figure for four-pole networks
connected in series (e.g. an amplifier with several
stages in cascade) is given by:

Fo—1  Fp—1
F + + +
G] G]G2

NF = 10 Iog]o

Where F,, F, and F; are the noise factor values for
the first, second and third stages, etc, and G, G,
are the relative power gains under optimum matched
conditions. It can be seen that if gain of the first
stage is sufficiently high, the overall N.F. is dictated
primarily by the characteristics of the first stage, It
may also be seen that if the power gain falls off at
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high frequencies, an increase in the N.F. value will
result.

The relationship shown in Equation (26) is useful
since it enables an additional amplifier to be used
at the output of the one under test for the purpose
of increasing the output signal to conveniently large
values for the noise measurements to be taken. if
the above conditions are satisfiied, then this am-
plifier (sometimes called a post-amplifier) need not
have an especially low-noise performance before

its contribution to the total system noise can be
neglected.

A typical circuit for the measument of equivalent
noise voltage is shown in Fig. 6.5. This consists of a
constant impedance input attenuator, the four-pole
network under test, a post amplifier (such as a
pA702A) and a narrow bandpass filter. It is assumed
that the energy density spectrum of the noise over
this narrow frequency bandwidth is constant.

The effectice source resistance (Rs) must be suf-

DEVICE
O———ATTENUATOR UNDER TEST AMPLIFIER
SIGNAL
GENERATOR
RS
NARROW
BAND-PASS
FILTER
VTVM

Fig. 6.5 - This Setup is Used to Measure Equivalent Noise Voltage

ficiently small so that the thermal noise voltage and
noise current contribution is negligible. This will
then approximate to the condition of a short-circuit
input. This will be realized if R, is chosen such that:

e,

Rs<< = Rs(opt)

i2,

The measuring procedure is as follows:

1. With signal generator disconnected, the noise
voltage (enww)) at the output is measured by means
of the VTVM.

2. The signal generator is connected and adjusted
with the aid of the attenuator to give an output level
(erouy) at least 20dB or 40 dB above that of the
noise alone. The input signal (e;) to the four-pole
network from the signal generator is determined,
knowing the degree of attenuation and the generator
output signal level.

3. The original input-referred noise voltage (ey)
is calculated using the relationship:

€in

en = eN(out)

€7(out)

€7(out)
Where the ratio

closely approximates to the
ein
voltage gain of the amplifier under investigation.
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If the filter has an equivalent bandwidth of 1 Hz,
Equation (27) gives the single frequency (sometimes
called « spot ») noise voltage (e,) directly. Otherwise
this may be calculated from the formula:

e’

Bea

Measurement of the equivalent noise current (i2,)
is carried out by means of a similar type of circuit,
in which a high value resistance (Rs) is inserted in
series with the input attenuator as shown in Fig. 6.6.
To ensure that the measuring conditions closely
approximate that of an open-circuit input and that
the contribution of the thermal noise voltage to the
total can be ignhored, the value of Ry must be such
that:

e?,

R,>» \/

. = Rs(opt)
i2

n

_ 4KT
2, >

R.

The measurement procedure for obtaining the
noise current is similar to that for the noise voltage.
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O——ATTENUATOR

SIGNAL
GENERATOR

Current

NARROW
DEVICE
UNDER TEST AMPLIFIER BAND-PASS
FILTER
VTVM

Fig. 6.6 - This Setup is Used to Measure Equivalent Noise

6.2 NOISE CHARACTERISTICS OF THE
nA702A
6.2.1 Noise Characteristics as a Function

of Frequency

Section 6.1 describes how the noise characteri-
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Fig. 6.7 - Typical Input Referred Noise Voltage of the
uAT02A for one Cycle Bandwidth as
a Function of Frequency

stics of a four-pole network can be defined in terms
of the parameters of an equivalent noise voltage and
noise current generator, each of which is frequency
dependent. Figs. 6.7 and 6.8 show these typical
characteristics for the pA702A, over a range from
10 Hz to 1 MHz expressed in terms of V2 per cycle
and A? per cycle.

It may be seen from these graphs that at lower
frequencies a 1/f (flicker noise) relationship predo-
minates. As the frequency is increased the curves
level to an approximately constant value of noise
energy due to the « shot noise » only. The crossover
frequency, at which the separate noise componenis
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contribute equally to the total noise, is relatively low
for the noise voltage (5 KHz) and considerably higher
for the noise current (80 KHz).

By comparing the noise voltage values with that
contributed by the noise current generator develo-
ped across the source resistance (R,) it can be seen
that if R, <200 Q) the noise current contribution can

10—
T 10-20
= -
E . —
m] AN
£ 10-2 N
2 H
O
B 10-22 AN
[}
z
- N
-23
E 10 N
z
10~-24
10 100 1k 10k 100k 1M
FREQUENCY ~Hz
Fig. 6.8 - Typical Input Referred Noise Current of
the pA702A for one Cycle Bandwidth as
a Function of Frequency

be ignored and if R;=20 k() then the noise current
contribution predominates and the noise voltage
can be neglected. Fig. 6.9 shows a graph of noise
figure plotted against frequency for various values
of source resistance. It can be seen that as R
increases, so does the bandwidth over which the
1/f relationship predominates.

6.2.2 Integrated Noise Characteristics of
the pA702A

The noise contributed by an amplifier within a

system depends on the appropriate noise para-
meters, the source resistance and effective pass-
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band. In Section 6.1.4 it was shown that it is possible,
knowing the voltage and current noise parameters
as a function of frequency, to obtain the integrated
noise characteristics by means of Equations (21) to
(24). A method of solving these equations by means
of graphical integration is shown in the following
example.

An amplifier fed from a source resistance of 1 k{
is specified having an upper and lower cut-off fre-
quency at 10 KHz and 1 KHz respectively. The fre-
quency response, determined by reactive elements
or by a following filter, falls off with a slope of 6 dB
per octave (20 dB per decade) at the high-frequency
end and at 12dB per octave at low frequencies.
The noise voltage per cycle over the bandwidth, e2,(f)
A%(f) is found by multiplying the value of the curve

for €%, by the square of the relative voltage gain.
The effective noise current i2,(f) A% (f) is obtained in
a similar manner. These new values can be replotted
on a linear frequency scale, having multiplied the
effective noise current by the square of the source
resistance to obtain the equivalent noise voltage
contribution of the noise current developed across
this resistance. The area enclosed by these two cur-
ves give the integrated noise value. [n the above
example the following values were obtained:

el = 5.7 - 107132 iZyRs = 2.7 - 107132

To find the total noise present the contribution

due to the effective thermal noise of the source
resistance must be added to these values thus:

er = \/eZN +iN2R25+62R ........

This method, although easy to apply is time-con-
suming and so, in Fig. 6.10, a graph is shown of the
total noise voltage (e;) for the pA702A plotted
against source resistance using, as a basis for
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Fig. 6.10 - Typical Total Input Referred Noise
of the wA702A as a Fuction
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calculation, an amplifier having the idealized fre-
guency response shown in Fig. 6.4 of Section 6.1.4
and where the cut-off frequency (f;) varies from
1 KHz to 1 MHz. With the aid of the graph in Fig. 6.11
which shows the integrated thermal noise voltage
(er) against source resistance for an approximately

‘similar response curve and cut-off frequencies, the

Noise Figure for this amplifier is obtained from the
relationship:

er
NF = 20 IOQ]Q—
g

These calculations have been carried out and in
Fig. 6.12 the noise figures are plotted against source
resistance for various values of cut-off frequency.
From this graph, it is possible to estimate rapidy
the typical N.F. of a pA702A amplifier having a fre-
quency response common to a good general, prac-
tical applications.

It can be seen that as the amplifier cut-off fre-
quency increases, the optimum value of source re-
sistance for which a minimum N.F. is obtained, in-
creases from 1 k€ to 3 kQ2. The minimum overall
N.F. is obtained using a high value of cut-off fre-
quency since, in this case, the additional effect of
flicker noise has the least influence.

6.3 NOISE CHARACTERISTICS OF THE pA709

6.3.1 Noise Characteristics as a Function of

Frequency

The best way to characterize the noise perform-
ance of an amplifier is to specify the equivalent input
noise voltages and currents, as a function of fre-
quency.
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Fig. 6.13 and 6.14 show typcal values of e?, and
i2, for the wA709 element versus frequency.

Examining these diagrams it is possible to distin-
guish a region (high frequency) having a flat power
spectrum in which the shot noise prevaiis, and
another region (low frequency) having a power
spectrum proportion to 1/f in which the flicker noise
predominates.

The frequency where the amount of the two noise
components (shot and flicker) is equal to each other
is very low for the noise voltage (95 Hz) while it is
comparatively high for the noise current (10 KHz).

The noise current contribution is negligible for

Resistance and Cut-off Frequency (f,) for the|"
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source resistors =3 kQ) while for high values of sour-
ce resistors (=200 k() the contribution of noise volt-
ages can be neglected.

Comparating the noise parameters of the pA702A
with the pA709 shows how better are the noise char-
racteristics of the latter element compared with the
wA702A at low frequencies, and, moreover how the
noise current is considerably lower. This is in accor-
dance with fact that the pA709 input stage operates
at a current level approximately ten times lower
than that of the yA702A.

Fg. 6.15 indicates the characteristics (under equal
noise figure conditions) as a function of frequency
and source resistance.
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From this. graph it can be seen that the optimum
value of source resistance is between 7k and
30 kQ) when the bandwidth increases, and the mi-
nimum value of noise figure decreases when the
cut-off frequency is raised. In this case the influence
of the flicker noise on the integrated noise value is
lower.
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6.3.2 Integrated Noise Characteristics of the

nA709

Once the source resistance and bandwidth are
know it is possible (see Section 86.1) to calculate the
integrated noise by application of the proper inte-
gration operations carried out graphically and ana-
lytically: this is done, having previously estimated
the values of voltage and current noise squared as
a function of frequency.

Fig. 6.16 shows the total noise voltage for a fre-
guency response which has a constant gain from
f; (1 Hz) to f, and then a decrease with a 20 dB/dec
slope, as a function of the source resistances for dif-
ferent values of f,.

From this characteristic it is possible to obtain,
quickly, the total noise voltage of the pnA709 (refer-
red to the input) for most applications.

Finally, Fig. 6.17 shows typical values of the noise

figure as a function of source resistance, for dif-
ferent values of cut-off frequency.
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Fig. 6.17 - Typical Noise Figure of 1A709 Versus
Source Resistance and Bandwidth

When compared with the pA702A, the operational
amplifier pA709 shows a higher optimum source re-
sistance with better perrormance or a minimum value
of noise figure.



7. POWER SUPPLIES

71 GENERAL

7.1.1 Introduction

The specification of suitable power supplies plays
an important part in the design of systems employ-
ing integrated circuits. The cost of close tolerance
supplies rises sharply with increased demands for
stability, regulation, etc. It is therefore necessary to
understand the implications for power supply para-
meters with regard to integrated circuit performance
in order to avoid under-specifying and obtaining poor
results, or over-specifying with resultant economic
penalties.

It may be pointed out that the small inherent
design of the monolithic integrated circuit family
and resultant low-power consumption reduces the
problems attached to providing high-stability sup-
plies.

During the design stage of integrated circuits,
special attention is paid to obtaining high power-
supply fluctuation rejection (see Section 2.1). In that
family of circuits where this is likely to be important
(e.g., in D.C. amplifier applications), balanced dif-
ferential pairs and a constant current source are
generally employed.

7.1.2 Mandatory Characteristics

Before more closely examining the effects of
power supply parameters, there are some general
comments on desirable characteristics that are re-
levant to the majority of applications in which inte-
grated circuits are used. Some of these comments
may appear obvious, but catastrophic failure of de-
vices has been caused by neglecting to observe
what, in retrospect, are seen to be elementary
precautions.

In common with other semiconductor devices, the
PN junction within the monolithic integrated circuit
exhibits reverse voltage breakdown characteristics.
Because of this and due to certain dissipation con-
siderations, maximum ratings for power supply volt-
ages are given for each device type.

Exceeding these ratings, even for very small pe-
riods of time, may promote failures caused by, for
example, avalanche breakdown.

Whether proprietary supplies or especially desi-
gned ones are to be employed, care must be taken
to ensure that, at switch «on» or «off », transient
over-voltages or even reversal of polarity does not
occur. Similarly, with mains supply circuits, it is
possible for break-through of transients from the raw
supply to cause trouble. Minimal inter-winding ca-
pacitance and earth screening can help here.

Many stabilized power supplies which have ex-
cellent D.C. regulation prove to be unsuitable wi-
thout modification if they have a high A.C. imped-
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ance. The very high open-loop gain such as is found
in the pA702A, may result in positive feedback
between the output and input via the power supplies,
causing spurious oscillation. Since the amplifier still
has potential gain at 30 MHz, decoupling must be
effective up to this frequency. Satisfactory results are
usually obtained using 0.01 uF to 0.1 uF capacitors
connected from the positive and negative supply
leads to earth, as close as is practical to the am-
plifier device itself, see Fig. 7.1. The possibility of
inter-connector contact resistance and, at 30 MHz
inductance in leads and «skin effect », make the
above precautions advisable in many circuit confi-
gurations. Care should be taken in selecting suita-
ble capacitors which are still effective at this fre-
quency. In general,aluminium electrolytic types are
not reccomended. Silver mica, certain metal foil,
ceramic and solid tantalum types have proved to
be suitable.

FROM
SUPPLY <&
-V, i
N C]
b v AMPLIFIER v
r—" " ETC Cat
J o}
___] C2
FROM |
SUPPLY O
v, C, = C, = Approx 0.01 pF to 0.1 uF

Fig. 7.1 - Decoupling of Power Supplies

Inter-action between devices, using common sup-
ply rails, has also to be considered, but in module
constructions, such as on printed-circuit boards, it
has usually proved sufficient to decouple at the end
of each module bank. Conventional techniques for
HF decoupling such as RC and LC circuits should
be resorted to if further difficulties arise. If resist-
ance is inserted between the supplies and device
terminals, then D.C. level drift with increase in power
demand must be calculated, taking these voltage
variations into account.

During development work, at a breadboard stage
and in servicing and fault-finding, demage to in-
tegrated circuits has been caused by using an
electrically non-isolated soldering iron. Earth loops
have been formed between poorly isolated power
supplies, test equipment, etc. Safest results are
usually obtained by adequately earthing all equip-
ment and switching off the power supply before
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using a soldering iron. It should be noted that the
smoothing capacitor present at the output of some
power supplies can hold sufficient energy to damage
the input to devices up to minutes after switching off.

The design of the linear integrated circuit family
is such that the sequence in which the power sup-
plies are connected or disconnected are not critical.
It is remotely possible, however, that associated input
or output circuitry which was fed from the same
supply could cause some damaging transient or
leave the integrated circuit in a latched-up or sa-
turated state if a certain switching sequence was
not adhered to.

144









	a -2cop
	a-1cop
	S-MINOLTA-12091615000_0001
	S-MINOLTA-12091615000_0002
	S-MINOLTA-12091615000_0003
	S-MINOLTA-12091615000_0004
	S-MINOLTA-12091615000_0005
	S-MINOLTA-12091615000_0006
	S-MINOLTA-12091615000_0007
	S-MINOLTA-12091615000_0008
	S-MINOLTA-12091615000_0009
	S-MINOLTA-12091615000_0010
	S-MINOLTA-12091615000_0011
	S-MINOLTA-12091615000_0012
	S-MINOLTA-12091615000_0013
	S-MINOLTA-12091615000_0014
	S-MINOLTA-12091615000_0015
	S-MINOLTA-12091615000_0016
	S-MINOLTA-12091615000_0017
	S-MINOLTA-12091615000_0018
	S-MINOLTA-12091615000_0019
	S-MINOLTA-12091615000_0020
	S-MINOLTA-12091615000_0021
	S-MINOLTA-12091615000_0022
	S-MINOLTA-12091615000_0023
	S-MINOLTA-12091615000_0024
	S-MINOLTA-12091615000_0025
	S-MINOLTA-12091615000_0026
	S-MINOLTA-12091615000_0027
	S-MINOLTA-12091615000_0028
	S-MINOLTA-12091615000_0029
	S-MINOLTA-12091615000_0030
	S-MINOLTA-12091615000_0031
	S-MINOLTA-12091615000_0032
	S-MINOLTA-12091615000_0033
	S-MINOLTA-12091615000_0034
	S-MINOLTA-12091615000_0035
	S-MINOLTA-12091615000_0036
	S-MINOLTA-12091615000_0037
	S-MINOLTA-12091615000_0038
	S-MINOLTA-12091615000_0039
	S-MINOLTA-12091615000_0040
	S-MINOLTA-12091615000_0041
	S-MINOLTA-12091615000_0042
	S-MINOLTA-12091615000_0043
	S-MINOLTA-12091615000_0044
	S-MINOLTA-12091615000_0045
	S-MINOLTA-12091615000_0046
	S-MINOLTA-12091615000_0047
	S-MINOLTA-12091615000_0048
	S-MINOLTA-12091615000_0049
	S-MINOLTA-12091615000_0050
	S-MINOLTA-12091615000_0051
	S-MINOLTA-12091615000_0052
	S-MINOLTA-12091615000_0053
	S-MINOLTA-12091615000_0054
	S-MINOLTA-12091615000_0055
	S-MINOLTA-12091615000_0056
	S-MINOLTA-12091615000_0057
	S-MINOLTA-12091615000_0058
	S-MINOLTA-12091615000_0059
	S-MINOLTA-12091615000_0060
	S-MINOLTA-12091615000_0061
	S-MINOLTA-12091615000_0062
	S-MINOLTA-12091615000_0063
	S-MINOLTA-12091615000_0064
	S-MINOLTA-12091615000_0065
	S-MINOLTA-12091615000_0066
	S-MINOLTA-12091615000_0067
	S-MINOLTA-12091615000_0068
	S-MINOLTA-12091615000_0069
	S-MINOLTA-12091615000_0070
	S-MINOLTA-12091615000_0071
	S-MINOLTA-12091615000_0072
	S-MINOLTA-12091615000_0073
	S-MINOLTA-12091615000_0074
	S-MINOLTA-12091615000_0075
	S-MINOLTA-12091615000_0076
	S-MINOLTA-12091615000_0077
	S-MINOLTA-12091615000_0078
	S-MINOLTA-12091615000_0079
	S-MINOLTA-12091615000_0080
	S-MINOLTA-12091615000_0081
	S-MINOLTA-12091615000_0082
	S-MINOLTA-12091615000_0083
	S-MINOLTA-12091615000_0084
	S-MINOLTA-12091615000_0085
	S-MINOLTA-12091615000_0086
	S-MINOLTA-12091615000_0087
	S-MINOLTA-12091615000_0088
	S-MINOLTA-12091615000_0089
	S-MINOLTA-12091615000_0090
	S-MINOLTA-12091615000_0091
	S-MINOLTA-12091615000_0092
	S-MINOLTA-12091615000_0093
	S-MINOLTA-12091615000_0094
	S-MINOLTA-12091615000_0095
	S-MINOLTA-12091615000_0096
	S-MINOLTA-12091615000_0097
	S-MINOLTA-12091615000_0098
	S-MINOLTA-12091615000_0099
	S-MINOLTA-12091615000_0100
	S-MINOLTA-12091615000_0101
	S-MINOLTA-12091615000_0102
	S-MINOLTA-12091615000_0103
	S-MINOLTA-12091615000_0104
	S-MINOLTA-12091615000_0105
	S-MINOLTA-12091615000_0106
	S-MINOLTA-12091615000_0107
	S-MINOLTA-12091615000_0108
	S-MINOLTA-12091615000_0109
	S-MINOLTA-12091615000_0110
	S-MINOLTA-12091615000_0111
	S-MINOLTA-12091615000_0112
	S-MINOLTA-12091615000_0113
	S-MINOLTA-12091615000_0114
	S-MINOLTA-12091615000_0115
	S-MINOLTA-12091615000_0116
	S-MINOLTA-12091615000_0117
	S-MINOLTA-12091615000_0118
	S-MINOLTA-12091615000_0119
	S-MINOLTA-12091615000_0120
	S-MINOLTA-12091615000_0121
	S-MINOLTA-12091615000_0122
	S-MINOLTA-12091615000_0123
	S-MINOLTA-12091615000_0124
	S-MINOLTA-12091615000_0125
	S-MINOLTA-12091615000_0126
	S-MINOLTA-12091615000_0127
	S-MINOLTA-12091615000_0128
	S-MINOLTA-12091615000_0129
	S-MINOLTA-12091615000_0130
	S-MINOLTA-12091615000_0131
	S-MINOLTA-12091615000_0132
	S-MINOLTA-12091615000_0133
	S-MINOLTA-12091615000_0134
	S-MINOLTA-12091615000_0135
	S-MINOLTA-12091615000_0136
	S-MINOLTA-12091615000_0137
	S-MINOLTA-12091615000_0138
	S-MINOLTA-12091615000_0139
	S-MINOLTA-12091615000_0140
	S-MINOLTA-12091615000_0141
	S-MINOLTA-12091615000_0142
	z - 1f
	z - 2f



